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ABSTRACT

KEYWORDS: Continuous-time filters; Design centering; Non-quasi-static ef-

fects; Characterization; Active-RC filters; Constant-C scaling.

This research addresses some of the issues in the design and characterization of widely
programmable high frequency continuous-time filters. An optimization technique known
as “space-mapping” is applied to efficiently design center the high frequency continu-
ous time filters. A graphical intuition is given for the design centering scheme adopted
to the filter. The results are shown for a fifth order transconductor-capacitor ladder filter

having wide programmability of bandwidth from 71.4-500 MHz.

An analysis on the influence of non-quasi-static (NQS) effects of MOS transistors
on the performance of high frequency transconductor-capacitor filters is presented. A

simple technique to compensate for these effects is proposed.

The thesis also presents efficient techniques to accurately characterize the frequency
response and noise spectral density of continuous-time filters by de-embedding the
package and test-setup characteristics. One technique uses a vector network analyzer

for the measurements and the other uses a spectrum analyzer.

A 71.4-500 MHz fifth order Gm-C Chebyshev ladder filter designed in a 35
CMOS process is used as a test-vehicle to validate the techniques presented in this

thesis. The proposed NQS compensation scheme is found to be effective in compensat-



ing the MOS NQS effects. The proposed frequency response measurement techniques,
when compared to the conventional techniques, show a significantly enhanced mea-
surement accuracy in the stopband while being less sensitive to package characteristics.
The filter has a dynamic range of 52 dB for 1% THD and consumes a power of 100 mW

while operating with a 3.3V supply.

A constant-C scaled active-RC integrator is proposed and used as a building block
in a 44-300 MHz fifth order active-RC Chebyshev ladder filter designed in a8
CMOS process. Through the results of the fabricated integrated circuit, it is shown that
the consant-C scaling applied to active-RC filter, allows to realize widely programmable
high frequency active-RC filters while maintaining the frequency response shape across

the tuning range.
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CHAPTER 1

INTRODUCTION

1.1 MOTIVATION

Magnetic
media Preamplifier

Programmable Digital Data out
c continuous-time ADC —+» Signal [——

filter Processor

Timing & gain control

Figure 1.1:Simplified block diagram of a hard-disk drive read channel.

Widely programmable high frequency continuous-time (CT) filters are integral parts
of systems-on-chip (SoC) like hard-disk drives and CD/DVD read channel electronics.
A simplified block diagram the hard-disk drive read channel is shown in Fibdre
(Gopinatharet al| (1999). The preamplifier and the Variable Gain Amplifier (VGA)
amplify the signal from the magnetic storage media. The amplified signal is then filtered
by a programmable continuous time filter. The Analog to Digital Converter (ADC)
digitizes the filtered signal. The Digital Signal Processor (DSP) processes the digital
signal further and does the data detection. The rate at which the data is read varies with
the location from where it is being read on the disc, necessitating the programmability
of the filter bandwidth. Higher data density increases the rate at which the data is read
from the storage device. This calls for higher bandwidth of the filters. The focus of this
thesis is on the programmable continuous time filters. The primary tasks of such filters

are anti-aliasing and partial channel equalization.



Design centering such high frequency integrated filters is a challenging task. In this
work, design centeringneans the following. It refers to the process of ensuring that the
filter responséncluding the layout parasitics indeed the desired one. The prevailing
methods of design centering are brute-force tweaking or the use of a circuit optimizer.
In the former method, the designer tweaks the optimizing parameters (usually capacitor
values) till the desired frequency response is achieved. This requires that the designer
have good intuition about the filter building blocks, and becomes virtually impossible

for complicated topologies like ladder filters.

Using a circuit optimizer requires minimal intervention of the designer. But this
approach consumes inordinate amounts of time, since the optimizer has to compute
the frequency response of the layout extracted netlist of the filter many times (1000 is
not uncommon). Each computation of the frequency response is very time consuming
(for example a frequency response evaluation of a filter presented in CRapkess 25
minutes). Thus there is a need for an efficient design centering technique that involves
very few simulations of the complete layout extracted netlist. Surprisingly, this practical

problem does not seem to have received the attention it deserves.

In CMOS technologies, the transconductor-capacitor (Gm-C) architecture is the one
of choice for realizing very high frequency filters. In such filters, when the bandwidth
becomes a significant fraction of the transition frequengy 6f the MOS transistors,
the finite response time of the channel charges (non-quasi-static effects (NQS)) makes
the transconductor slower, resulting in excess phase lag in the integrator. This leads to
Q-enhancement of the filter. Since the excess phase lag is bandwidth dependent, the

shape of the frequency response varies as the bandwidth of the filter is programmed.



Such variations are unacceptable in several practical applications. It is thus seen that
low power and hardware efficient techniques to mitigate the effects of non-quasi-static

behaviour are necessary.

Another challenging task associated with on-chip filters is the characterization of the

fabricated prototypes. The difficulties associated with measurement are the following-

o Filters are part of an SoC and are not intended to drive package parasitics.
e The test procedure has to be as “non-invasive” of the main signal path as possible.

e Wafer probing technigues are not attractive, since these require additional probe
pads on the chip, which occupy extra area and add large parasitics in the signal
path.

e When the chip is packaged, the effects of the package must be de-embedded from
the response of the filter.

e The usual “microwave” practice of having dedicated calibration structures (which
must be on-chip) for de-embedding the package response is not practical due to
space and pin-count considerations.

A commonly used technique that addresses several of the issues discussed above
was proposed bauta(1992). Using this technique, the authors (and other researchers)
have found that measurements made in the filter passband are generally accurate. How-
ever, the response in the stopband usually doesn'’t fall below 55-60dB, and is very
sensitive to the test setup. To date there seems to be no explanation as to why stopband
measurements are erroneous. There is also a need to make accurate measurements of

the stopband frequency response.

Another problem addressed in this work is the design of high performance pro-
grammable active-RC filters. It can be shown that active-RC filters are fundamentally
more power efficient when compared to their Gm-C counterparts. However, such filters

are mostly avoided in high frequency applications because of the difficulties in realizing

3



an opamp with adequate gain and bandwidth. These issues are exacerbated when the

bandwidth has to be programmed over a wide range.

This thesis aims to solve the practical problems (described above) arising during the

design and characterization of high frequency CMOS analog filters.

1.2 PRIOR WORK

The first integrated continuous-time filter was reportecdMyulding and Wilson
(1979. It was a Gm-C filter in bipolar technology for video applications, designed to
replace bulky LC filters. Another Gm-C filter was reported\@ormanet al! (1982)
for viewdata modems. This was also implemented in bipolar technology. Continuous-
time filters for read-channel applications were reported in the earlydtisfy (19917),

De Veirman and Yamasai992), Alini_et al!(1992)).

The filter presented bihoury (1997) is a Gm-C filter with bandwidth tunable from
6-15 MHz, designed in a 08m CMOS process. The filter bandwidth was tuned using a
voltage-controlled oscillator (VCO) based master-slave tuning cirb@tVeirman and
Yamasaki(1992) presents a 2-10 MHz tunable bandwidth fifth order bipolar equiripple
linear phase filter. It shows how a careful one-time frequency trim and use of DC
current through an external precise resistor can avoid master-slave tuning in filters with
moderate Q. The filter balini et al. (1992 was a second order Gm-C filter designed
in a 2um BICMOS process, with bandwidth tunability of 8-32 MHz. The emphasis
was on the fully differential BICMOS transconductor using a MOS transistor. The filter
had a dynamic range of 72 dB for -40 dB total harmonic distortion (THD) at a supply

voltage of 5 V.



Nauta(1992) reported a low-pass Gm-C filter tunable in the range of 22-98 MHz.
He also described a technique to characterize packaged integrated @opmathan
et all (1999 presented a 30-100 MHz Gm-C filter in a 0;2% CMOS process. A
variable gain amplifier (VGA) was embedded into the filtBavanet al. (2000) pre-
sented a Gm-C filter in a 0.26n CMOS process with bandwidth tunability from 60-
350 MHz. They proposed the constant capacitance (constant-C) scaling technique for
the transconductor, that makes the parasitic capacitances of the transconductor indepen-
dent of the bandwidth setting. They showed that the constant-C technique avoids the
severe linearity and noise trade-offs commonly encountered in realizing programmabil-
ity. We make extensive use of this technique in this thesis. A 550 MHz Gm-C filter in
a 0.35um CMOS process was reported Bandayet al! (200€). It did not incorporate
any tuning. The achieved dynamic range is only 40 dB for a total harmonic distortion
(THD) of -40 dB.Harrison and Westé€2002) presented a 350 MHz active-RC filter in
a 0.18um CMOS process. They used a feed-forward compensation technique for the
operational transconductance amplifier (OTA) making it suitable for high frequency fil-
tering. Fundamentally the design is power efficient since it avoids the conventional
Miller compensation. They also presented a 500 MHz active-RC filter in a 08
CMOS processHarrison and West¢2003)). It is seen in both these filters that the
shape of the frequency response varies when the bandwidth of the filter is varied over

its tuning range.

The filters in the references cited above constitute the state of the art in high fre-
guency integrated filter design. Most of these are realized as a cascade-of-biquads, ap-
parently due to the difficulty associated with design centering ladder filters, especially

at high speeds.



Upon careful observation of the measured frequency responses in the above men-
tioned works, one sees that the rejection of filters in their stopband is poor - an effect
attributed to the “quality of the test setup”. Another aspect of the filters published in
the literature is that most of them use Gm-C architecture. Active-RC filters have largely

been avoided, inspite of their potential advantages.

1.3 ORGANIZATION OF THE THESIS

In this thesis, a fifth order Gm-C lowpass filter with a bandwidth digitally pro-
grammable from 71.4-500 MHz is used to validate the ideas proposed for design center-
ing, compensation of NQS effects and accurate characterization. The proposed widely
programmable active-RC filter technique is validated using a fifth order Chebyshev

low-pass filter with a bandwidth programmable from 44-300 MHz.

The rest of the thesis is organized as follows - Chadtxplains the design and
layout of the fifth order low-pass Gm-C Chebyshev ladder filter. The transistor level
realization of each block of the filter is given in detail. Layout considerations are dis-

cussed.

ChapteB3 focusses on the difficulties faced by the designer while design centering
the netlist extracted filter. A technique known as “space-mapping” is effectively adapted
to optimize the filter. The chapter gives an overview of space-mapping in the context of

filter design with graphical intuition.

Chapted analyzes the influence of MOS non-quasi-static effects on the widely pro-
grammable Gm-C filters. A simple hardware efficient technique to compensate for NQS

effects is proposed.



Chaptel is dedicated to the issue of characterizing high frequency filters. The
chapter gives an overview of conventional techniques of measuring the frequency re-
sponse and noise spectral density of on-chip continuous-time filters. The limitations
of these methods when applied for high frequency filters are highlighted. Improved

techniques are proposed with in-depth analysis.

Chapteb discusses the measurement results of the 71.4-500 MHz Gm-C filter de-
signed in a 0.3sm CMOS process. The efficacy of the techniques proposed in Chap-

ters3, 4 and5 are borne out by the measurement results.

Chaptei7 deals with widely programmable active-RC filter design. An active-RC
technique that maintains the shape of the filter frequency response when the bandwidth
is programmed over a wide range is proposed. Experimental results from the ICs fabri-

cated in a 0.1&m CMOS process are given.

Chapte®B gives the conclusions and suggestions for future work.



CHAPTER 2

DESIGN OF A WIDELY PROGRAMMABLE
TRANSCONDUCTOR-CAPACITOR FILTER

To validate some of the ideas proposed in this research, a fifth order Gm-C low-pass
Chebyshev ladder filter was designed in a uBECMOS process. The filter bandwidth

is digitally programmable from 71.4-500 MHz using a 3-bit control word. The pass-
band ripple was chosen to be 1dB. The filter is fully differential, as it has become
routine to have fully differential circuits owing to their inherent advantages over their
single ended counterparts. This chapter describes the design of filter and the supporting
circuits. Figuré.1 shows the block diagram of the filter test-chip. The design details

of each block will be given in this chapter.

Direct path Filter path
o | Ladder Filter I
a A
03] W
= [ S
< Bias Distribution <
= ] N
Fixed-Gm Bias
A AW }
Input Rext BW Control

Figure 2.1:Block diagram of the test-chip



2.1 FILTER ARCHITECTURE

2.1.1 LC Ladder

The filter is realized as a singly terminated ladder. To start with the design, a pro-
totype of the fifth order low-pass Chebyshev LC filter with pass-band ripple of 1dB
is taken. Figur2.2(a) shows this prototype. The element values shown are fdea 1
terminating resistance and a band-edge of 1rad/sec. The prototype is then scaled to
realize a filter with a 25@ (conductance = 4 mS) terminating resistance and a band-
edge of 500 MHz (the highest bandwidth to be realized). The scaled ladder is shown in

Figure2.2(b).

R L, L,
1Q 1.4441H 1.5908 H
V; V
Q@ 2 2R 5
Cy Cs Cs
1.0674 F 1.8838 F 1.6652 F
(a)
R L, L,
250 Q 0.115 pH 0.127 pH
V; V
Q@ s L 5
Cy Cs Cs
1.36 pF 2.539 pF 2.12 pF
(b)

Figure 2.2:Prototype LC ladder with (a) @ termination and a band-edge of 1 rad/sec
(b) 25012 termination and a band-edge of 500 MHz.



2.1.2 Leapfrog Implementation

To arrive at the Gm-C architecture, the inductéssand L, of the ladder filter in
Figure2.2(b) are emulated using a gyrator-capacitor circuit. Though the concept is well
known, realization of the floating inductor using a gyrator-capacitor circuit is shown in

Figure2.3(b).

V,-V,)/sL
O Vvt @ © @
o— T NN—-0 o o
Vi L \Z A1 5 2' V,
G G
E(Vl_VZ) E(Vl_VZ)

(@) (b)
Figure 2.3:(a) Floating inductor to be realized. (b) Gyrator-capacitor based realization
of floating inductor.
In Figure2.3(b), the impedance seen between the nodes 1 aril-2 & purely

inductive and is given by -

sC

Z12:E

(2.1)

Thus a grounded capacitoris transformed to a floating inductér = o
The terminating resistoi{=250¢2) at the source end is also realized using a transcon-

ductor of valug5=1/R. A step-by-step realization is shown in Figizrd. Note that with

this realization ofR, the filter offers a high input impedance.

Replacing the resistors and inductors of the LC ladder with their equivalent Gm-C

structures, one arrives at the active ladder filter as shown in FXtire
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R
P \ . . coe
i TO™ 5 1
G=1/R Icl

Figure 2.4:Realizing source-end terminating resistdt) (using transconductors of
valueG=1/R.

G=4mS
C,=1.36 pF
C,=1.84pF
C; =2.539 pF
C,=2.025 pF
Cs;=2.12 pF

Figure 2.5:Gm-C implementation of the LC ladder shown in FigQré(b).

2.1.3 Node Scaling The Filter

The voltage gain (as a function of frequency) at all the internal nodes (node-1 to
node-5) of the filter of Figur@.5 are plotted in Figur@.€. It can be seen that the
maximum swing at node-2 and 3 is about 50% more than that at the output (i.e. node-5)
and at node-4, it is 60% more than the output. Therefore, the linearity of the filter is
limited by the transconductors sensing the voltages at nodes 2, 3 and 4. To maximize
the dynamic range, the maximum voltage gain at all the internal nodes must match that
of the output. Therefore the nodes-2, 3 and 4 should be scaled down. The procedure of
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Figure 2.6:Frequency response at each integrating node - before node scaling.

“node scaling” the voltage at a given node by tan be described as follows -

e Scale the integrating capacitor of that node, hy. 1/

e Scale all the transconductors sensing this node voltagedy Tlis is done to
keep the input-to-output transfer function unaltered.

On an integrated circuit, good matching can be achieved between the transcon-

ductors if the scaling of the transconductors is done in integer multiples. This also

makes implementation easy as it can be done just by connecting the required number of

transconductors in parallel. Hence, nodes 2, 3 and 4 have to be scaled down by a fac-

tor of two (rather than 1.5 or 1.6). The single-ended schematic of the filter, after node

scaling, is shown in Figui2.7 and the node scaled responses are shown in F&ére

Now that the top-level schematic of the filter is designed for the highest bandwidth,

the next task is to achieve bandwidth programmability. With 3-bits for bandwidth pro-

grammability, the filter bandwidth can be set to 7 different values. With 500 MHz being
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G=4mS

C,=1.36 pF
C, =3.68 pF
C; =5.07 pF
C,=4.05pF
Cs;=2.12 pF

Figure 2.7:Schematic of a node scaled filter.
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Figure 2.8:Frequency response at each integrating node - after node scaling.

the highest bandwidth, the lowest bandwidth would be 71.4 MHz (i.e. 500 MHz/7).

Therefore the filter bandwidth should be programmable from 71.4 MHz to 500 MHz in
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steps of 71.4 MHz.

Fundamentally, programmability can be achieved in one of the two ways viz.

1. Constant-Gm scaling: All capacitors are programmed while keeping all the transcon-
ductances/conductances constant.

2. Constant-C scaling: All the transconductances/conductances of the network are

scaled with all capacitances kept constant.

The latter technique has been shown toBavanet al. (2000)) an efficient tech-
nigue for implementing programmable bandwidth filters, as it avoids severe linearity
and noise trade-offs usually associated with realizing programmability. For a rigorous
discussion on the advantages of constant-C scaling, the reader is refelP@dtoand

Tsividis (2000).

With constant-C scaling being the choice, the transconductors of the filter have to
be programmed. A practical transconductor has parasitic capacitances at both its input
and output. As per the principle of constant-C scalalythe transconductor parasitic
capacitances must be kept constant when the transconductance is scaled. The next

section describes the design of a constant-C scaled programmable transconductor.

2.2 CONSTANT-C SCALED TRANSCONDUCTOR

In the constant-C scaled programmable transconductor propos€avanet al.
(2000, the transconductor is programmed in a manner as to keep all parasitic capac-
itances constant irrespective of the transconductance being realized. A digitally pro-
grammable constant-C scaled transconductor is realized by connecting binary weighted
transconductors in parallel. This work borrows the above idea to realize a 3-bit digitally
programmable transconductor.
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Figure2.C shows the way in which a 3-bit digitally programmable transconductor
is realized using unit constant-C scaled transconductgysis the transconductance.
The binary weighted transconductances, 2nd 4,, are realized by connecting the
required number of,,,s in parallel.by — b, are the control bits. A ‘0O’ on these bits turn
off the corresponding transconductor, where a ‘1’ on these bits turns the transconductor
on.

o 0N

ipc + 2
% ]
ino o 0p

m
T
bo
+ - Ip o + 2 o 0N
29 S ij
|2 ino + o 0p
b, bo.»

+ -
49
L {- +
b,
Figure 2.9:3-bit digitally programmable transconductor realized using constant-C
scaled unit transconductors.

The schematic of a unit constant-C transconductor is shown in F2gbie M1 &

M2 form the main differential pair. M5, Ms3, M6 & Ms4 form its tail current source.
The PMOS loads are cascoded current sources formed by M9, M10, M11, M12, Ms1 &
Ms2. M3 & M4 form the dummy differential pair, whose tail current source is formed
by M7, M8, Ms5 & Ms6. The dummy differential pair is in parallel with the input of the
main differential pair and its drains are connected to a voltage equal to the common-
mode voltage. Ms1 through Ms6 are switches which turn the corresponding current
sources “on” or “off”. When the main differential pair is off, the dummy pair is switched

on in order to keep the input capacitance of the transconductor a constant. Note that a
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M1 M3’_q_‘M4 M2
o —Join M1-4 : (2.2/0.6)4

M5-8 : (2.2/0.6)8

M5| M7 M8 (M6
Vi o I I'_ I'_ I M9-12 : (2.2/0.5)8
Ms1-4 : (2.2/0.35)8
Ms5 Ms6
™ L —
Ms3 Ms4
gndl
b

Figure 2.10:Unit constant-C Gm-Cell.

physical capacitor, rather than a differential pair could be switched in to save power (at
the expense of robustness). Common-mode feedback (CMFB) is applied at the gates of

M9 & M10.

. 4mS . :
The value ofy,, needed for the unit transconductOH%l— =571.4 4S. Simulations
. . . . . %.2 W . . .
show that a differential pair with transistor siz &5 biased with a tail current
6 p
of 230 1A has the required transconductance. This corresponds to a gate overdrive of
300 mV. The other transistors of the unit-cell are sized appropriately and sizes are shown

in Figure2.1Q where the width (W) and length (L) given in the figure are in microns.

The biasV,,; for the tail current sources is derived from a fixed transconductance
bias circuit that servos the transconductance of the differential pair to an off-chip stable
resistor, thereby keeping the transconductance intact over process and temperature vari-

ations. The details of the fixed transconductance bias circuit and the bias distribution
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scheme are given in sectioBgl and2.5 respectively.

The transconductor has a DC gain of about 100 and a unity gain frequency (with

only the parasitics of the transconductor) of 4.7 GHz.

2.3 COMMON-MODE FEEDBACK CIRCUIT

The common-mode voltage at the output of each transconductor is servoed to an
internally generated reference voltadgé,(,.;). The schematic of the common-mode
feedback system is shown in Figidd 1. A PMOS differential pair formed by M1 and
M2, whose input comes from the transconductor outputs is used as the common-mode
detector. M4 forms the current source of the differential pair. The source coupled node
of the differential pair senses the common-mode variations. Since the input impedance
of this common-mode detector is capacitive, it can be absorbed into the integrating ca-
pacitors for design centering the filter. The detected common-mode is compared with
the common-mode reference. The error is amplified using the NMOS error amplifier
formed by M6-M10. M12 is a low output impedance source follower that drives the
compensating capacitor Cc. Msl1 and Ms2 are the replicas of the switches Ms1 and
Ms2 in Figure2.1Q The reference current,,) is obtained from the bias distribu-
tion system. Note that one common-mode feedback circuit is needed to stabilize the
common-mode level at each set of differential nodes. The filter, therefore, requires five

common-mode feedback loops.
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Figure 2.11:Common mode feedback circuit.
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2.4 FIXED TRANSCONDUCTANCE BIAS GENERATION

A fixed transconductance bias generator that is robust with respect to supply volt-
age and ambient temperature is needed to stabilize the transconductances in the filter.
Figure2.12 shows the fixed transconductance bias generator employed in this design

(Pavan(2004)).

______________ | vdd
M17, M19 b M3 b,
m m m

'1l Mi8 | <
M16 ] }_‘ l I

<
SN
J
<
o1

2l

I

M1

+ |

: R%hR | "]
B )3 T

-

| + Al

<

N

<

[00]
A

—mis - l %H - 7 l
o A Y B P

M14 M13 M12 M11

St GiFiit L

Vtail

Figure 2.12:Fixed transconductance bias generation circuit.

In the figure, M1 and M2 are the devices whose transconductance needs to be stabi-
lized. The currents in the important branches are marked. In steady state, M9 and M10

will carry equal currents as they form a current mirror. Therefore,

[—ANi+I, = I+Ai (2.2)

I = 2A (2.3)

19



For the differential pair formed by M1 and M2,

. LR
ai=aman (%) &9
Substituting/2.4) in (2.3) for Ai we obtain,
1

Thus, the transconductances of M1 and M2 are servoed to the conducfdice
R is a stable off-chip resistor. Thereforg, |,1,12 Would be stable over process and

temperature.

Circuit operation can be understood as a negative feedback system. Any deviation
of g,,,a1 from 1/ R causes negative feedback to adjust the current through M11 to bring
gm|,m1 Dack tol/R. The drain potentials of M1 and M2 are identical and independent

of the supply voltage.

The salient features of this bias generator are the following :

e The generator does not rely on the MOSFET square law, unlike more traditional
circuits (Steiningen(1990), Zele and Allstai(1996)).

e The generated bias current is very tolerant of the large output conductances of
short channel MOSFETS.

e The circuit is robust with power supply variations.

Figure2.13 shows the schematic of the fixed-Gm bias circuit used for the Gm-C
filter designed in this work. The current in M11 is mirrored to the current distribution
circuit that distributes the tail current to all transconductors. Simulations (in the absence
of mismatch) show that,,’s of M1,2 vary by less than 0.1% for a Vdd varying between
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Figure 2.13:Schematic of the complete fixed-Gm bias circuit used in this work.
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2.5 & 3.6 V. M11’s drain current is distributed to all transconductors on the chip using
the precision bias distribution circuit explained in the next section, which is a CMOS

version of the bipolar system proposePavanret al. (2005).

2.5 BIAS DISTRIBUTION SYSTEM

vdd Vvdd

O o
Yo %j% . i VPR %AQ_O

2N

lltail (#lpias) llbias
e " I I Il
M2r M2 M3 M2r M2
gnd | , gnd
Filter Transconductor Filter Transconductor
Poor Precision Excellent Precision
Easy to Layout Difficult to Layout

(a) (b)

Figure 2.14:(a) and (b) Conventional bias distribution schemes.

The current generated by the fixed-Gm bias circuit should be mirrored to all the filter
transconductors as accurately as possible. F@drga) shows the simplest circuit that
can be used to do thisyids is generated in the fixed-Gm bias block and routed to the
filter transconductor, where it is converted into a voltage by M2r. M2 represents the tail
current source of the filter transconductor. For simplicity, the switches used to switch
the current source is not shown. Notice that thg, of M2 is dependent olW,,,, the

input common-mode voltage of the filter. Note that M2r and M2 should be placed in
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close proximity, which is easy to accomplish. One problem with this approach is that
the current in M2 no longer equals;,; due to the different drain-source voltages of
M2r and M2. Assuming equal sizes for M2r and M2, the percentage error in the drain

current of M2 is seen to be

lin 14 AVbs a2
Ivias 14 AVasarar

(2.6)

To mitigate this problem, a common solution is to employ the precise current mirror
shown in Figur@.14(b). M1ris sized so that it has the same current density as M1 in the
filter. Hence, M2 and M2r have the safigs thereby ensuring that the transconductor
current isl;;,s. Cc compensates the negative feedback loop formed by M2r, M1r, M3
and M4. While this approach certainly eliminates systematic error in the drain current
of M2, it poses a layout problem due to the following - four devices (M1r, M2r, M3
and M4) need to be placed in close proximity to M1 and M2. Cc is also usually larger
than these devices. Since M1 is a part of the high speed signal path of the filter, it
is preferable that the layout be compact. It is therefore seen that while the simple
technique of Figur@.14(a) is advantageous with respect to layout, it has poor accuracy.
On the other hand the circuit in Figu2el4(b) results in an accurate reproduction of

current, while resulting in a sub-optimal layout.

A careful look at the techniques shown in Figugel4(a) and (b) reveals that it is
possible to arrive at a circuit that combines the advantages of both circuits, while avoid-

ing their disadvantages. The basic idea is the following. Precision of the circuit of Fig-

1+AVGs, moar
1+AVps 2 *

ure2.14(a) could be improved by deliberately modifyiig,, to I;

bias

= Ibias

Sincel]

bias

is a predistorted version dj,,,, the percentage error in the drain current
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Figure 2.15:Proposed bias distribution technique with the advantages of schemes
shown in Figur@.14

of M2 is seen to be zero. Now, to generate the predistorted cuffentthe biasing
scheme used in Figugl14(b) is used. A circuit that implements this improved scheme
is shown in Figur2.15 The devices shown in the box are global. They are laid out far

away from the high speed signal path. M3 and M2r have identical sizes. We see that

1+ AVas mor

2.7
1+ )\VDS,M:’) ( )

!
I bias — Tyias

I/

bias

is sensed by precision PMOS mirrors and multiple copie$;of are routed to
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the individual transconductors. At the transconductf)y, is mirrored by M2a’-M2,
generating/,;,s in M2. Notice that the layout near the transconductors (the high speed
signal path) is very simple and compact. In practice, M2a’ and M2 are merged into
the same multi-finger structure. While the proposed technique is discussed here in the
context of continuous-time filters, it is generic and can be applied to a whole range of

analog circuit blocks.

2.6 INTEGRATING CAPACITORS

The technology used in this work provides three alternatives for realizing integrating
capacitors.
1. Poly-poly capacitors

2. MOS accumulation capacitors

3. MOS inversion capacitors

In our process, the poly-poly capacitors have excellent linearity but a low specific
capacitance of about 0.9 flzh?. MOS capacitors have a density of about 4.8/fk?

in our technology, which is about five times that of poly-poly capacitors.

It is well known Behret al! (1992)) that MOS accumulation capacitors are more
linear when compared to their inversion counterparts. Therefore, MOS accumulation

capacitors are used as integrating capacitors in this filter.

The technology poses a limitation on the minimum size of the MOS accumulation
device, which is 6.xm/0.65um. Therefore the minimum realizable capacitance in this
process is about 20.6 fF. This is not a serious issue since the integrating capacitors to be
realized are much higher than 20.6 fF.
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2.7 FILTER LAYOUT

2.7.1 Programmable Transconductor

vdd
= Ms1 Ms2

b
Ms1_|————[_ ms2 M9 M10
MO Vemto M10 M11 M12

M1 M2
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(a) (b)
Figure 2.16:(a) Schematic of the unit transconductgy, (b) Floorplan of the pro-
grammable transconductary,) layout.

As mentioned earlier in this chapter, the filter is constructed using identical pro-
grammable transconductors. Therefore, only one programmable transconductor has to
be laid out. Figur2.1€(a) & (b) show the schematic and floorplan of the programmable
transconductor. To explain the correspondence between the layout and the schematic,
consider the PMOS load. The left leg of the differential load is formed by M9, M11
and Ms1. In the layout, the PMOS load (left leg) of all the unit transconductors forming
the programmable transconductor are laid out together. The block on the top left of

Figure2.1€(b) shows this. Other transistors are labelled in a similar fashion.
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Figure 2.17:Demonstration of area efficient layout - (a) Schematic to be laid out (b)
Simple layout, where M5 and Ms3 are laid separately (c) Layout with

fingers of M5 and Ms3 merged together (d) Optimized layout, with unnec-
essary contacts removed.

For laying out series connected (cascoded) transistors like those in the tail current
sources (for example M5 and Ms3) and cascoded PMOS loads (for example M9, M11
and Ms1l) of the transconductor, a simple method is to lay the transistors separately
and then interconnect them. This is shown in Figuf&(b), where the tail current

source formed by M5 and Ms3 is taken as an example. The source of M5 is routed
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to the drain of Ms3 using a metal wire. A compact alternative, if M5 and Ms3 have
the same finger width and same number of fingers, is to share the drain diffusion of
Ms3 with the source diffusion of M5. These fingers are then connected in parallel to
realize the complete current source. This is shown in Figuréc). Notice that the
source-drain contacts of M5 and Ms3 are not connected together. This layout is area
efficient compared to that in Figugel#b), since the transistors are merged. Further
optimization of the area is possible. The source-drain contacts of M5 and Ms3 are not
necessary and can be omitted. The separation between the gates of M5 and Ms3 can be
kept to the minimum allowed poly-to-poly separation. This is shown in Figuréd),

and has been extensively used in this work. The PMOS loads are also laid out in a

similar fashion.

2.7.2 Filter Layout

The scheme used for the layout of the filter is shown in Figut&a). Each
transconductor is represented by a simple block with input and output imes, and
op, on respectively. The capacitors are also represented by simple box, but coloured
gray, with only the integrating nodes shown (€ on). Figure2.1&b) shows the fully
differential schematic of the filter. The schematic is drawn in such a way to have a

one-to-one correspondence with the layout.

Figure2.18a) emphasizes the routing between the blocks. All the vertical routing
is made inmetal2and the horizontal routing is mademmetal3 The interconnection is
accomplished by inserting a via between these metal lines. In the figure, interconnection

of lines is shown by a black bubble. Notice carefully that while interconnecting two
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Figure 2.18:(a) Scheme of filter layout (b) Fully differential schematic of the filter.
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wires, both the wires are extended beyond the junciRavan(1999). This ensures
that the interconnect parasitic capacitances on the differential lines are equal. A shield

of groundednetallis used below the long routing lines. This serves two purposes-

1. It reduces the coupling between the line and the substrate.

2. The parasitic capacitances will have a path to ground (throughl/l) and are
well defined. These are small capacitances, referenced to ground and can be

absorbed into the integrating capacitors.
Figure2.19 shows the screen-shot of the complete filter layout with all the main
building blocks marked. The empty space available in the chip is filled with supply

bypass capacitors. NMOS and PMOS capacitors are used for bypassing. The total

on-chip bypass capacitance is about 1.3 nF.

Figure 2.19:Screen-shot of completely laid filter

After the complete layout of the filter, interconnect parasitics are extracted. These

parasitics, along with the non-idealities of the transconductor, cause the filter response
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to deviate significantly from the desired response, thereby necessitating a “design cen-
tering” procedure that modifies the integrating capacitor values and brings the response
back to the desired one. The next chapter (Ch@)tdiscusses the design centering

technique in detail.
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CHAPTER 3

FILTER DESIGN CENTERING

The term “design centering” used in this thesis refers to the procedure for ensuring that
the filter respons@ncluding layout parasiticss indeed the desired one (at the nominal
process corner & ambient temperature). With process & temperature variations, the
filter performance will deviate from the nominal, and steps should be taken to ensure
that the variations in the response are within prespecified bounds. Commonly, automatic
tuning loops are used to keep the nominal time constants in the filter stable across
process and temperatui®ohaumann and Ta1989). These techniques are not the
focus of this work and are not discussed here. The word “design centering” is not to be
confused with statistical design centering. The latter term is used for yield optimization,
where an attempt is made to select the nominal values of the design parameters so as
to ensure that the behavior of the circuit remains within specifications with the highest

manufacturing yield.

3.1 THENEED FOR DESIGN CENTERING IN INTEGRATED ANALOG FIL-

TERS

Active analog filters are networks of integrators. Without loss of generality we
consider the case of Gm-C integrators. An ideal integrator shown in F3gl(e9 has a

transfer functions%"j. A real integrator has several nonidealities. They are -

1. Finite DC gain.



\ ’\‘ \Y;
/i \G/m out

O
\
/1

(a) (b)
Figure 3.1:Ideal and nonideal Gm-C integrators.

2. Finite bandwidth and parasitic poles/zeros.

3. Parasitic capacitances associated with the input and output terminals. These ca-
pacitances are from the devices used to realize the transconductor, as well as
routing capacitances.

The integrator with the above mentioned non-idealities is shown in F&lie).
1/m andg, are the bandwidth and output conductance of the transconductor respectively.
Cinpar andC, ,,, are the parasitic capacitances at the input and output terminals of the

transconductor.

In any practical Gm-C filter, an attempt is made to keep the transconductor DC
gain sufficiently high. Further /7 is chosen to be significantly higher than thg),
product of the filter. Even still, along with input/output parasitic capacitances, these
nonidealities can significantly alter the filter transfer function. It is therefore necessary
to correct the design for all these effects. This is done by varying the capacitors and/or

transconductor values. This constitutes the design centering process.

Design centering high frequency filters is a challenge due to the following. The total
parasitic capacitance at a node can be a significant fraction of the intended integrating
capacitance (in the filter described in the previous chapter, the parasitic capacitances
at the integrating nodes were between 25% to 65% of the intended integrating capaci-
tances). These parasitic capacitances can significantly alter the frequency response of
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the filter, and some way of accounting for these capacitors is necessary.

3.2 PREVALENT METHODS

It is more convenient to use capacitors as design variables rather than transconduc-
tors, since the former can be individually and easily adjusted. Commonly used methods

of design centering are the following -

1. Brute-force tweaking.

2. Using a circuit optimizer.

The following subsections briefly explain these procedures and their limitations.

3.2.1 Brute-Force Tweaking

The designer, based on experience and circuit intuition, varies capacitor values until
the response is close to the desired response. As can be easily appreciated, this approach
is time consuming, since an AC simulation has to be run after each such “tweak”. Each
AC simulation of the extracted netlist in a SPICE like simulator can take a very long

time, due to the large number of active devices and interconnect parasitics.

Further, most circuit designers are only likely to have intuition about simple filter
building blocks like second order sections. The “tweak and simulate” approach can be
seen to be hopeless when a more complicated topology - like a ladder filter has to be
designed. This difficulty is one of the reasons why a cascade-of-biquads structure is
preferred over a ladder filter in spite of the latter having lower sensitivity to component

variations.
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Some CAD tools allow a designer to back-annotate the parasitic capacitances ex-
tracted from the layout onto the schematic. The explicit capacitances in the filter could
then be reduced by these parasitics. While this approach can help to some degree, it
is still not satisfactory, since many parasitics could be to nodes other than small signal
ground - for example, a parasitic capacitangebetween two balanced nodes is equiv-
alent to having a capacitance Df’, from each of the nodes to ground. It is thus seen
that this would need significant designer intervention in interpreting each of the para-
sitic capacitances at a node. The brute-force tweaking of design variables, therefore,

would require significant amount of designer and simulation time.

3.2.2 Using a Circuit Optimizer

Many commercial simulation packages have circuit optimizers builtinto them. These
optimizers can be used for design centering. This is a less “cut-and-try” method, in
which the layout extracted netlist is input into the optimizer and the design variables
are varied until the filter response matches the desired response. Traditional SPICE
simulator based optimizers work in the following manner. The circuit to be optimized
is simulated at the transistor level with an initial guess of the design parameters. The
objective function (derived from a set of specifications) is evaluated and the design pa-
rameters are modified in an attempt to minimize it. The circuit optimizer is simply an

optimization “framework” built around a circuit simulator.

While this method of design centering works, it can be problematic due to the fol-
lowing. The optimization algorithm (for example, the Nelder-Mead simplex method)

has to compute the response of the filter several times (1000 is not uncommon), before
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the difference between the actual and desired response is sufficiently small. Each fre-
guency response evaluation of the complete layout extracted filter netlist is very time
consuming (for the Gm-C filter presented in cha@jene such evaluation took 20 min-

utes on a PC with a 3.2 GHz processor). Thus, the entire optimization process may take

several hours (if not days) to converge.

From the above discussion, we see that there is a need for a time-efficient design
centering technique that involves very few simulations of the complete layout extracted
netlist. The “Space mapping” technique, originally introduced®bwdleret al! (1994
for optimizing electromagnetic structures was adopted in this thesis. Space mapping
iS now in use in a variety of application8dndleret all (2004, Bakr (2000)) from
RF and Microwave implementation to non-linear device modeling to structural design
(in civil engineering). Surprisingly this body of literature does not seem to have been
appreciated by active-filter designers. In this chapter we show that a simplified form of

space mapping is an effective technique to design-center continuous-time filters.

3.3 SPACE MAPPING : AN OVERVIEW IN THE CONTEXT OF FILTER DE-

SIGN

Space mapping was originally intended for the optimization of electromagnetic
structures which involve time-intensive simulations. The basic idea is to come up with
a less accurate model which approximately represents the expensive model to be opti-
mized, but takes a little time to simulate. In space mapping terminology, the expensive
model (to be optimized) is called the “fine” model and the less accurate, cheaper model

is termed the “coarse” model.
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A mapping is established between the design spaces of the fine and coarse models.
The optimum design variables are computed for the coarse model. This optimal solu-
tion obtained in the coarse design space is interpretedampedinto the fine space.

This process involves many computations of the coarse model. However, this is not a

problem since these computations are inexpensive.

The original space mapping algorithm assumes a linear mapping between the two
parameter spaces, which might not be accurate if significant misalignment exists be-
tween the two spaces. Several improvements, like Aggressive Space Mapping (ASM),
Trust Region Aggressive Space Mapping (TRASM) were subsequently introdBaked (

(2000)).

The design centering problem for high frequency filters is similar to that of elec-
tromagnetic structure optimization - the computation of the frequency response of the
layout extracted filter is CPU intensive. Therefore, the space mapping technique can
be applied to these filters, by introducing a “coarse” model for the layout extracted

transistor level circuit.

In high frequency filters, parasitic capacitances are the dominant nonideality. Note
that if they were the only nonideality, the design space of a “coarse” model comprising
of ideal integrators would simply be offset from the design space of the actual filter.
Since other nonidealities (like finite gain and bandwidth) are made small by design, it
is seen that a simplified version of the space mapping technique should be adequate for

this class of problems. This is explained with an example in the next subsection.
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Figure 3.2:Space mapping : the model design space is offset from the filter design
space. (a) The filter, with the explicit capacitance, as well as a parasitic
(b) The model (c) Step 1 - finding (C,), (d) Step 2 - findingy/ 1 (F(C})),
(e) Step 3 - finding\/ ~!(By.,), (f) Step 4 - findingCyc.

3.3.1 Graphical Example

We now provide intuition for the space mapping technique as applied to filter de-
sign, using a graphical approach. For simplicity, consider the design of a first order RC
lowpass filter, shown in Figu&2(a). The design centering problem is to determihe
so that the 3 dB bandwidth of the filter is set to a desired valye. R is fixed. A par-
asitic capacitance’, occurs in parallel withiC'. Assumehat the circuit of Figur8.2(a)
is a layout extracted netlist, which takes very long to simulate. We form a simplified

modelof the filter, shown in Figur8.2(b). We postulate that it is possible to simulate
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the model extremely fast. The bandwidths of the filter and the model as a function of
are depicted by the darl¢(C)) and light M/ (C)) curves in Figur®.2(c) respectively.
Note that)/ (C') is simply a translated version &f(C'). The space mapping method of

determiningCy., which results in a filter bandwidtB,,, is as follows :

1. Choose an initial guess fa@r in the filter, sayC;. Simulate the filter with this
value. The resulting bandwidth 13;. Notice thatB; = F'(C;) will be lower than
By due to the parasitic capacitanCg (Figure3.2(c)).

2. Divert the optimization task to theodel Determine the value of' = C,,;
required in thanodelthat results in a bandwidth d@#, (Figure3.2(d)). Thisis an
inverse problem, in the sense that we are required to{itioht results in a given
response (i.eC,,;, = M~'(By)). In general, the solution is arrived at through
an iterative process requiring several simulations of the model. This is not an
issue, since the model can be rapidly simulated. In the space mapping parlance,
this process is called Single Point Extraction (SPE). In the trivial example under
consideration, the answer is seen tothg = C; + C,. Knowing C,,,; and(,
one can have an estimate of the unknown parasitic capacitance

3. For themode| determine the value af' = C,,» that results in a bandwidth of
Baes (i.e. Crni = M~Y(Bges)). This is also an iterative process requiring several
simulations of the model.

4. The capacitance required in the filter is seen te’he = C; + C,,.2 — C,,.1, Since
M (C) is a translated version @f (C).

In conventional design centering{C') would have to be computed several times to
determineC,., = F'~1(By.,). Observe that in the space mapping technique, the filter
is simulated only once. The model is simulated many times in the process of finding
Cm1 = M~Y(B;) andC,,2 = M ~*(By.). Therein lies the efficiency of the technique.
The name “space-mapping” makes sense, since the dgsageof the filter ismapped

onto the design space of the model.

In the example considered above, the model design space is simply a translated ver-
sion of the filter space - thus only one (time consuming) filter simulation (to determine

B, = F((CY)) is necessary to determiri&;.;. This need not be the case always. The
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following example explains the space mapping when the model design space is not just

a translated version of the filter design space.

Filter Model
v R¥OR
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"~ unknown
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Figure 3.3:Space mapping when the model space is not just a translated version of the
filter space : (a) & (b) - first iteration, (c) & (d) second iteration. .

Figure3.3(a) & (b) show the filter and model respectively. The filter FigBu&a),
in addition to an unknown parasitic capacitance, has an unknown dffBetor the
resistorR. But the goal of design centering is still the same i.e. deterifiise that the

3 dB bandwidth of the filter is set to the desired valBig,.

We proceed for the design centering in the same way as we did for the earlier exam-
ple. Figure3.3(c) & (d) show the first iteration. Sinc&/(C') is not a translated version
of F'(C'), the output of the first iteration will not lead ;.. LetC, be the output of the
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firstiteration. F'(Cy) # Byes, butCy is very close ta@”,.;. C5 is used as the initial guess
for the second iteration, which is shown in Figs3(e) & (f). Again, note that only two

simulations of the filter were necessary (to deternfihe= F'(C,) and B, = F(C3)).

3.3.2 Generalization to a practical filter

Now that space-mapping is understood using a simple example, we generalize the
procedure for a practical filter, where the frequency response is a complex function of
many variables. Since the filter capacitors are modified due to interconnect parasitics,
it is common practice to modify the explicit capacitors to obtain the desired frequency
response. Hence, these capacitors are chosen as the design variables and are denoted in
vector form asC. Let F/(C) be the filter frequency response for the set of capacitors
C evaluated over a desired frequency griff,., is the desired frequency response,
evaluated over the same frequency grid. The response of the model is dendfé@hy
If the model is chosen appropriately, the model space is almost a translated version of
the filter space, and the design centering process to correct for the effect of layout

parasitics can be simplified as follows :

1. Choose an initial value of capacitdty. The values used in the schematic is a
good starting point. Evaluaté(Cy).

2. DetermineC,,; needed in the model, so th&f(C,,;) = F'(C,). This is done by
finding C that minimizeg|M (C) — F(Cy)||-

3. DetermineC,,; needed in the model, so thaf(C,,;) = Hgs. This is done by
finding C that minimizeg|M (C) — Hges)||2-

4, Form02 = Cl + Cm2 — le.

5. EvaluateF'(C,). If this is not sufficiently close td{,.,, repeat steps 1 through 4
above, withC, as the initial guess.
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The above procedure works well, since offset is the major component of the differ-
ence in the filter and model spaces. In experience of the author, just one or two filter
computations are usually sufficient if the model is chosen appropriately, as described in

the next section.

3.4 SPACE-MAPPING APPLIED TO THE 71.4-500 MHz FIFTH ORDER

Gm-C LADDER FILTER OF CHAPTER 2

This section shows the effectiveness of space-mapping employed to design center a
71.4-500 MHz fifth order Chebyshev Gm-C ladder filter designed in Chapi@esign
centering is attempted at the highest bandwidth. Constant-C scaling ensures that the

shape of the frequency response remains the same over all bandwidth settings.

3.4.1 Transconductor Nonidealities

0 o

Figure 3.4:Small signal model of the digitally programmable transconductos the
bandwidth programming code, settable between 1-7.

out

Each programmable transconductor of the filter is associated with several nonide-
alities. The small signal model of the digitally programmable transconductor is shown
in Figure3.4. Apart from parasitic capacitancés, andC,,,; which appear in parallel
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with the integrating capacitors, a small overlap capacit@inceouples the input to the
output. Another nonideality is the finite DC gain of the transconductor. A single 3-bit

programmable transconductor used in the filter has about 1000 transistors.

The entire design flow uses Cadence tools. The layout extracted schematic has
about 21000 transistors and 8400 capacitors. On a computer with a 3.2 GHz processor
and 256 MB RAM, evaluating the DC operating point of the chip takes 15 minutes and
frequency response computation at 1001 points in the frequency range (0-1000 MHz)
takes 25 minutes. It is apparent that optimizing the filter with a circuit optimizer (the

conventional method) is not a practical option.

3.4.2 Model

The next step is to have a model that approximately represents the actual filter and
takes a little time to simulate. A model whose frequency response can be computed
rapidly is a state-space representation of Fi@ure The transconductor finite output
impedances are included in the model, since these are readily available from a DC
operating point analysis of a single transconductor. The differences between the model
and the filter are the following. Input/output capacitances and routing parasitics of
the transconductors are not accounted for in the model. Overlap capacitance of the
transconductors is also not a part of the model. If overlap capacitances are neglected,
the model space is a translated version of the filter design space. As usual, the state

variables are the five capacitor voltages denotest.by
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The state space model of the filter is

v = Av+ By (3.1)
() = lo o000 1]v 3.2)
where -~ ;
_(Ggfgo) % 0 0 0
A U
o0& & &
000 7 -
B =1[Z2 0000/ (3.3)

The model is coded in MATLABG andg, are obtained from a DC operating point
analysis of a single transconductor. A frequency response calculation over a 1001 point

grid from 0-1000 MHz takes less than 100 ms (recall that it is about 40 minutes for

layout extracted filter).

3.4.3 Design Centering

As mentioned in the beginning of this section, design centering is attempted at the
highest bandwidth setting of 500 MHz.

1. The initial capacitor values are chosen to be those corresponding to the “ideal”
ladder of Figur@.7, C, =[1.36, 3.68, 5.07, 4.05, 2.12] pF. The layout extracted
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filter is simulated withC,. The resulting frequency respongéC, ) is compared

with the desired response in in Figil#&. Notice that the bandwidth is signifi-
cantly lower than the ideal response. The shape of the response is also modified
due to the parasitics.

1.2

Ideal
Response
0.8r

0.6

Normalized Gain

F(C))
0.4f

1 1 1 n )
0 200 400 600 800 1000
Frequency (MHz)

Figure 3.5:Design centering : comparison 6 C;) and H ;.

2. C,,; needed in the model, to obtafi(C,) is determined. Théminsearchop-
timization routine in MATLAB, which employs the Nelder-Mead simplex opti-
mization process is used to do this. The objective function used for the mini-
mization is||M(C) — F(C4)||2. The resultingC,,; = [2.225, 4.84, 6.35, 5.225,
2.703] pF.

3. The capacitor values in the modé€t,(,) that would result in the desired (ideal)
responseH,., are found, as in step 2 abov€’,,» = [1.497, 3.632, 5.38, 3.92,
2.157]pF.

4. The capacitance vector that must be used in the filter to obtain the ideal response
is calculated fronC s = Cy + (Ci2 — Cpr1). Thus,Cyes = [0.632, 2.472, 4.1,
2.744,1.575] pF

It takes about 20 seconds to complete steps 2 & 3.

Figure3.€ shows the design centered frequency response of completely extracted
filter and Figuré.7 shows the passband detail. See the excellent matching between the
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Figure 3.7:Passband detail of Figuget.

46



design centered and the desired responses. The small deviation in the response after
design centering is due to the size of the smallest unit-capacitor (20.6 fF) used in the
design. This technique of design centering is thus found to be efficient and has been
extensively used in our work, especially for correcting the frequency response in the
face of MOS non-quasi-static effects, the details of which are discussed in the next

chapter.
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CHAPTER 4

ANALYSIS AND COMPENSATION OF MOS
NON-QUASI-STATIC EFFECTS IN HIGH
FREQUENCY TRANSCONDUCTOR-CAPACITOR
FILTERS

Simple small signal models of semiconductor devices are derived using the quasi-static
(QS) approximation, where the following assumption is maden the device is ex-
cited with time varying terminal voltages, for examplet) at terminal7’, the charge
concentration at any position of the device at any times identical to that obtained
when a dc voltagd’, = vr(t;) is applied at the corresponding terminérsividis
(1999). This is a valid assumption if the terminal voltages vary sufficiently slowly so
that the charge carriers in the device respond with negligible inertia. The quasi-static
assumption makes device analysis (and hence the circuit analysis) simple. However,
when the terminal voltages are varying fast, the quasi-static approximation breaks down
since, charges in the device fails to respond instantaneously. It is difficult to quantita-
tively define the term “fast” and it depends on the type of the analysis and the accuracy
one seeks. It becomes necessary to consider the non-quasi-static (NQS) operation of

the devices to understand the actual behaviour of the device (and circuit).

In high frequency continuous-time filters, if the bandwidth becomes a significant
fraction of the limiting frequency of the active devices, the quasi-static assumption for
the devices will lead to a filter response that is in deviation from the desired. It is

therefore necessary to understand the non-quasi-static behaviour of the devices, analyze



their influence on the filter response and correct for these effects in order to get the

desired response.

R+, Cy % Ry % Ry

Vi 3
- = a4 CT

() (b) (c)

= s
<!
f

Figure 4.1:(a) Simplified single-ended schematic of the integrator use&H\et al.
(1986 (b) Distributed RC small signal model of the transistor M1 and (c)
First order approximation for (b)2; andC'r are the total channel resistance
and capacitance respectively
Since the filter designed in this thesis uses MOS devices as the active element, we
focus on the influence of non-quasi-static behaviour of the MOS transistors on filter
performancelShiet al! (1986), Pu and Tsividig199() report filters exploiting the dis-
tributed RC nature of the MOSFET in the triode region. Figufisshows the integrator
used in the filter oBhiet al! (1986. M1 is the MOSFET operated in triode region. The
distributed nature of channel was taken in to account by modeling M1 with a distributed

RC line approximated to the first order as shown in Figuté). An excellent analysis

on the high frequency effects in such filers is giverkioury and TsividiJ1987).

The MOSFETSs used in the transconductors of the filter designed in this thesis op-
erate in saturation. In this chapter, we examine the effects of MOS NQS effects on
the performance of constant-C scaled Gm-C filters. A hardware and power efficient

compensation technique is proposed to compensate for MOS NQS effects.
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4.1 INFLUENCE OF NQS EFFECTS ON CONSTANT-C SCALED Gm-C FIL-

TERS

In this section we examine the quasi-static and non-quasi-static behaviour of the
constant-C scaled programmable transconductor and thereby analyze the influence of
QS and NQS effects on the constant-C scaled Gm-C filters. The constant-C scaled

programmable transconductor presented in ch2ageredrawn in Figurd.Z.
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— Ip o + D o 0N
b
mMsi |F—— ms2 ——= I |
Vv N o -t 10]¢)
M9 |_céfL| M10
vV °b
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ip o O -0N
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+ =
Ms5 w Ms6 49
L1+
MS3 -
gndl b2
b

(@) (b)

Figure 4.2:Programmable transconductor (a) Ugjt-cell and (b) Realization of pro-
grammable Gm using unit,,-cells.

4.1.1 A Simple QS Model for the Programmable Transconductor

A simple intrinsic small signal model for the transistors M1 and M2 in FiguZ&),

assuming quasi-static operation, is shown in Figuggusing the results fronisividis
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(1999). Assuming this model for the transistors, the resulting intrinsic small signal

G o— D
gmvgs

== g
Cgs ds

SC * * O

Figure 4.3:A simple quasi-static small signal model of a MOSFET operating in satura-
tion

Vi (e, VO
kngi
k
NCgp]  [NCg Jas
[e, —T_ L g L g O

Figure 4.4:A simple quasi-static small signal model of the programmable transconduc-
tor of Figured4.2. N is the number of unit cells per transconductor and
an integer that sets the filer bandwidth< &£ < N).
model of the programmable transconductor of Figufds shown in Figurd.4. The
word “intrinsic” used here means that only that part of the programmable transconduc-
tor that is responsible for transconductor action is conside¥ets the number of unit
cells per transconductoM=7 for the transconductor in Figude?). £ is an integer that
determines the filter bandwidth, settable in the rahge £ < N. g,,, gas, Cys & Cip
have their usual meanings and refer to the quantities for a unit transconductor. The QS
model of the programmable transconductor, shown in Figulés constant-C scaled
sinceall the (trans)conductances scale with the bandwidth settinghile all the ca-
pacitances are unaltered. If the simple QS model is valid, a Gm-C filter built using
such transconductors will also be constant-C scaled, and if the filter is design centered

for one bandwidth setting, the shape of the response is preserved for all bandwidth set-
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tings. However, the frequency limit of validity for the simple QS model is found to be

proportional to the quantity -

~ o(Vas — V)

W, =
al?

(4.1)

A safe limit on the frequency of validity is considered to be®, {Tsividis (1999). For

the transistors used in this wotl, turns out to be about 41 Grad/set, (= 6.5 GHz).

From 4.]), the upper limit on the frequency of validity is proportional oL>.
Therefore, in principle, it is possible to model the transistor for frequencies above the
safe limit by splitting the transistor into several sectiohsvidis (1999, Scholteret al.

(1999). The length of each section is chosen such that the QS model is valid for that
section. However, care should be taken for the internal sections so that no extrinsic ca-
pacitances exists at their terminals and no short-channel effects are introduced. There-
fore, when using existing SPICE models, one need to modify these models for fitting
them to the transistors of the sections (a tricky proposition). Therefore this method of
modeling the transistor for higher frequencies is usually not adopted by circuit design-

ers.

4.1.2 A Complete QS Model for the Programmable Transconductor

A complete QS small signal model for the MOS transistors is giveBagheri and
Tsividis (1985, Tsividis (1999). It is a more precise model in the sense that, it has
an improved upper limit on frequency of validity of abawy/3 (Bagheri and Tsividis
(1985). For a transistor operating in saturation, with source and bulk incrementally

grounded, the model reduces to a form shown in FiduiieC,, is the transcapacitance.

52



Go— —oD
SCngS OmVgs
1 g
Cgs ds
S (e, ® * * o

Figure 4.5:Complete QS small signal model of a MOSFET operating in saturation

In saturation region the value @f,, can be shown to b%C;xWL (Tsividis (1999,
whereC’ , is the gate oxide capacitance per unit area. Note that the transconductance of
the complete QS model ig, (1 — s7y), wherer; = 5—7’: Considering the complete QS
model for the transistors for M1 and M2 of the upjt-cell, the intrinsic small signal

model of the transconductor can be drawn as in Figuie

Vi (o] VO
kgm(1 - sTy)V,
kg
NCg|  [NCy -
[o, _T_ L & O

Figure 4.6:Intrinsic small signal model of the programmable transconductor. A com-
plete QS model is assumed for the transistors

The transfer function of a Gm-C filter built using such transconductors, will be a

function ofg,,(1 — s7,) and the integrating capacitors and can be written as,

sC
TFqsl(S) =H (m) (42)

Comparing 4.2) with transfer function of an ideal filtéf F;(s) = H (kﬁ) it is seen

that7T'F . (s) can be obtained by replacingn T'F;(s) by s+ Inother words, the

T1) "

ideal filter transfer function can be transformed to a QS transfer function by using the
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transformation

jw
o <_1 —jwn) (4.3)

w?T , w
1+ (wm)? 1+ (wn)?

(4.4)

The frequency respongeF,; (jw) of the filter can be thought of 85F;(s) evaluated

along the contou(— 1+L‘Zi77-_11)2 +J 1+(an)2>'

We now explain the effect of assuming the complete QS model for the transconduc-
tor on the magnitude response of the filter. We take the example of a fifth order filter.
For the simplicity of analysis assunier;)?> < 1. The transformation ird.4) simpli-
fies to —w?m + jw. A graphical intuition is provided in Figu#7 (Pavan(2004)).
pl, p2, p2*, p3, p3* are the five poles of the filter. A response along fleaxis will
give us the magnitude response of the ideal filter, th8f'i5(jw)|. By definition, the

magnitude response at a pojat, in Figure4.7(a) can be written as,

1
axXbxexdxe

TFi(jw.)| = (4.5)

a,b,c,d, e are the lengths of the vectors from the palésp2, p2*, p3, p3* respectively
to w,, the point at which the response is evaluated. To evaluate the complete magnitude

response, thegl'F;(jw)| should be evaluated at all the points on jheaxis.

The magnitude response of the filter assuming the QS m@del ( (jw)|), is eval-

uated in a similar fashion but along the conteus?; + jw as shown in Figurd.7(b).
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Figure 4.7:Evaluation of (a)l F;(jw) and (b)Y F,,.s(jw) of a fifth order all-pole filter

(4.6)

|TFys1(jw,| is given as
1
a xb xdxdxe

T Fya1 (jwz)| =
Since the

It can be noted from4.5) and @.6) that |T'F (jw.)| > |TF;(jw.)|

transformed contour is always to the left of the-axis, we can generalize the result

that|T Fyu (jw)| > |TF(jw)l.
In Figure4.7(b), the poles are closer to the transformjedaxis, with the highest

pole pair p; and p3) being the closest. This enhances the Q of the poles resulting
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Figure 4.8:A 3-D plot illustrating the Q-enhancement in the filter when the QS model
is considered

in peaking of the response. The deviation B (jw)| from |TF;(jw)| is maximum

near the bandedge of the filter. This is illustrated with a 3-D plot in Figiiieln figure,
|TF;(s)| of a fifth order Chebyshev filter, having a bandwidth of 500 MHz, is plotted.
The -ve real part and +ve imaginary partsofre only considered. The ideal response
|TF;(jw)| of the filter is the shape obtained when the surface pldi'ét(s)| is sliced
along thejw-axis. The QS responsgl{F,;(jw)|) is obtained by slicingT F;(s)| along

the contour-w?7; + jw. The so obtained ideal and QS frequency responses are shown
in the figure. In this example is assumed to be 10 ps. Clearly we can see the peaking

in the magnitude response of the filter when the QS behaviour is considered.

Using the complete QS model for the programmable transconductor one can predict
the filter behaviour at higher frequencies. However, some aspects of the filter per-
formance are not satisfying. The complete QS model predicts that-as oo, the

transconductance,, (1 — st;) — —oo which seems fundamentally incorrect. Another
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point is that fors — oo, the transformed cont0L<r L ) approaches% and there-

J
1—jwr1
fore, TF,;(joo) approaches a constant. These seemingly strange results are due to the
use of QS models beyond its region of validity (approximatel8) (Bagheri and Tsi-

vidis (198%). For higher frequencies it is necessary to consider the non-quasi-static

operation of the transistors.

4.1.3 Non-quasi-static model for the programmable transconductor

A first-order small-signal model for a four-terminal long channel MOSFET valid
upto the frequency of about, is presented inRagheri and Tsividig198%)). For the
detailed derivation/discussion of this model the reader is referre@sividis (1999).

For a transistor operating in saturation with source and bulk terminals incrementally
grounded, the high frequency model presente®amgheri and Tsividi§1985) simpli-

fies to a form as shown in FigudeC.

G o—— D
ImVi T_l
—— (I+s1y Yas
Cygs
Jds
%ng
So . . o0

Figure 4.9:An intrinsic small signal model of a MOSFET operating in saturation with
bulk and source terminals at the same potential, valid for high frequencies

The finite time lag in the channel charges is modelled by a pol¢atand can be
shown to belfg—’; Note that,; used here is same as the time constantsed in the

complete static model with the assumptiop = 2C.,.

When the NQS model is used for the transistors M1 and M2 in FiduZrethe
small signal model for the programmable transconductor can be drawn as shown in
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Figure 4.10:The intrinsic model of the programmable transconductor considering NQS
effects

Figure4.1Q As k is changedall the conductancedo notscale withk. Therefore

the transconductor is no longer constant-C scaled. Note specifically that the transcon-
ductancey,, has a finite bandwidth associated with it. The input capacitance of the
transconductor is no longer lossless. The output conductance has an inductor in se-
ries with it. However, even when the filter bandwidth is a significant fraction of the
fr of the transistor, it is found from simulations that the deviations in filter response
due to the conductance 6fVg,, in series withC,, and the inductor in the drain are
insignificant in comparison to the “finite bandwidth” of the transconductance. This
makes sense because, at frequencies when the reactaticaid reactance of induc-

tor becomes comparable to the resistarigésv g,, and1/ g, respectively, the parasitic
capacitances existing in parallel to them will have a much lower reactance. Biddre
shows the magnitude response of the filter model designed in c2apidr and with-

out the inductor and the gate resistance. It is seen that the effects of the conductance

5Ng., (denoted as resistdt,;) and the inducto% (denoted ad.,,) are negligible.

Considering only the finite bandwidth of the transconductor, the transfer function of
the filter can be written as a function bf,,/(1 + s71) and the integrating capacitors in

a form

(4.7)

TFpp(s) = H (M)

k.gm
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Figure 4.11:Effect of R,s and Ly, in the NQS model of the transistor on the mag-
nitude response of the fifth order Chebyshev ladder filter. The complete

NQS model includes the effect @t,, and L, in addition to the pole in
transconductance, while in the simplified moé&gl andLL,; are neglected.

Defining s,4s = s(1 + s71) we can write,

SnasC
Proceeding in a similar fashion as done for the complete QS model, the transfer

function T'F,,,s(s) can be obtained from the ideal transfer functibh;(s) using the

transformation

s = s(1+sm) (4.9)
Or JWngs = Jw (14 jwr) (4.10)
= jw—uw’n (4.11)
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Therefore, the magnitude respon$&-,,,s(jw)| of the filter with NQS effects can be
thought of asT'F;(s) evaluated along the contoyitv — w?r;. Recall that when the
complete QS model was considered, the transformation simplified to the same form
as in @.17) for (wn)* < 1. This is because, at frequencies much lower than,

complete QS model is valid. A plot of the contours 44 for the complete QS model

T T T 50

- - QS
T~ s—plane — NQS |I45
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L & N\\ ’35
[ \\ ’30

~ 3 125

jw (Grad/s)

- 120
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Figure 4.12:Shift in the jw-axis due to the QS behaviour and the NQS behaviour of
transconductors

and @4.11) for the NQS model are shown in Figutel2 for w ranging from zero to

50 Grad/s. It is evident that if the QS model is used, the resulting response will be in
error at high frequencies. Observe that the QS contour is always to the left of the NQS
contour. This means, for any bandwidth setting, the response of the filter with the QS

model will have a higher peaking than for a filter with the NQS model.

Figure4.13 compares the magnitude responses of a fifth order Chebyshev Gm-C
filter model when the complete QS model and NQS model are considered for the pro-
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Figure 4.13:Comparison of the magnitude responses of the fifth order Chebyshev lad-
der filter model considering the complete QS model and NQS model for
the programmable transconductor.

3,
-- QS \
2.5+ — NQS y
— Ideal

=
a N

=

9
N =)

Normalized magnitude response (dB)
o
(62}

I
=
a

|
N

1 1 1 1 1 \
100 200 300 400 500 600
Frequency (MHz)

o

Figure 4.14:Passband detail of Figudel3
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Figure 4.15:Stopband detail of Figu4 13plotted up to 10 GHz
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Figure 4.16:Magnitude response of the filter model across the bandwidth settings when
NQS effects are considered - Passband details

62



grammable transconductor. Figi4rd4shows the passband detail of Figdréa No-

tice that with the QS model, the response peaks higher than for the NQS model as
expected. Figuré.15shows the stopband comparison upto 10 GHz. At higher frequen-
cies, the error between the QS model response and the NQS model response increases.
The error is about 10dB at 10 GHz. Though not important it practice, it remains an

interesting theoretical point.

Recall that the NQS model (and also the complete QS model) for the programmable
transconductor is not constant-C scaled. The result is that the shape of the filter fre-
guency response varies with the bandwidth setting, as shown in Eidirdt is seen
that the peaking in the response is bandwidth dependent, which is not desirable. The

following section presents a simple compensating strategy.

4.2 COMPENSATING FOR MOS NQS EFFECTS - A BIQUAD EXAMPLE

For simplicity, we explain our technique using a biquad example. The same reason-

ing can be extended to more complex filter topology like a ladder.

Figure 4.17:Simplified schematic of an integrator incorporating MOS NQS effects.

Consider a Gm-C integrator as shown in Figdu®7. The NQS effect of the transcon-
ductor is modeled with a pole af'r;. For simplicity, it is assumed that, / 945 is large,

so that the effects qf;, can be neglected to first order. Denoting the total integrating
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capacitance (intentional and parasitic)@y the excess phase lag of the integrator at its

unity-gain frequencytgc—"; is given by

A¢p, = tan™? (% %) (4.12)

From 4.12), it is clear that the excess phase of the integrator is bandwidth dependent.
In a biquad formed using two such integratapsenhancement due to the excess phase

in the transconductors increases with bandwidth setting. However, it can be seen that
for a given bandwidth setting, the excess phase will remain independent of temperature
if C; is of the same kind aS|,. This is easy to achieve if MOS accumulation capacitors
are used as the integrating capacitors. This makes MOS accumulation caphetors
choice for integrating capacitors in the filter designed in this thesis (in addition to their

high density, mentioned in Chap@x

Figure 4.18:Gm-C biquad

Figure4.18 shows a biquad formed using the integrator shown in Figuré C

and C, represent theotal capacitance at the integrating nodes. If NQS effects were
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absent, the center frequengy& (@ of the biquad would be

1 kgnm
— 4.13
o OO (4.13)

Ch
Q = \/g (4.14)

When NQS effects are considerefd,& Q are modified from the intended values, in a

bandwidth dependent fashion. The modiffe& ) can be approximated (Append®)

as the following:

o~ f (1—”]2;1) (4.15)
' Q
@ T—inf,0n (4.16)

The set bandwidtly, is of the form%k%—f and 7; is of the form %i—jﬂ Hence the
productf,m depends only on ratios of like elements and is stable with temperature. It
is thus seen from4(.1€) that even thoughy is modified from the ideal value depending
on the bandwidth setting, it does not change with temperature. Another key point is

that sincef,; and( are stable with temperaturg, can be stabilized over temperature

using a transconductance servo loop.

4.2.1 Biquad - Compensating for NQS effects

Compensating for NQS effects means restorjfggand @) to their intended val-
ues and can be done by appropriately modifyirigand C>. This modification must
be a function of the bandwidth settirkg This is accomplished by the digitally pro-

grammable capacitor banksC, (k) and ACy(k). These capacitors are implemented
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Figure 4.19:Gm-C biquad: compensating strategy

using three terminal NMOS structures with drain and source connected together to the

control bit as shown in the inset of FigutelQ

oV 33V V,
(a) (b) e

Figure 4.20:(a) Unit NMOS capacitor used for theC' (b) C-V curve of the unit NMOS
capacitor in (a), showing the operating regions

For a unit MOS structure, when the drain/source terminal is connected to ground, the
capacitance is high. Let us denote the resulting capacitancg ky When the drain is
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connected to Vdd, the capacitance is low since a channel cannot be formed. Denote this
capacitance by’ rr. The operating regions are shown in Figdr2Q If the capacitor

bank has\/ number of NMOS capacitors andiit is the number of capacitors that are

ON for a given bandwidth setting, the effective capacitance offered by the capacitor

bank is given by

= m(Con — Corr) + MCorr (4.18)

From 4.18), the componend! Corr in AC(k) is independent of bandwidth settig
and the component(Con — Corr) is dependent oh. For eachk, one can determine
the required numbem{) of NMOS capacitors to be turned ON ikC; and AC; that
would restore the values gf and@. Note, sinceAC; andAC, are of the same kind

as the integrating capacitors, and@ will not vary with temperature.

Table 4.1:Example for the strategy to firdC' to compensate for the MOS NQS effects.

Bandwidth| 6n | dn, | m = _dmCon

Con — Copr
001 107 | 14 20
010 71 11 16
011 51| 9 13
100 21| 6 9
101 0 4 6
110 211 2 3
111 41| O 0

The procedure for finding thAC-banks can be explained for the biquad as follows.

1. Compute the frequency response of the layout extracted filter for each bandwidth
setting considering NQS effects. The BSIM3v3 model for the transistors provide
a parametengsmodfor turning the NQS effects on. Several foundries do not
provide this switch in their models, as it is not important for most applications.
In that case, the channel charge partition can be modified to use the QS model of

67



Figure4.Sinstead of the simple model of the Fig4r&€ Though the QS model
is not quite accurate at high frequencies, it is sufficiently precise to predict the
shape of the filter response, as shown in Figuié&

2. For each bandwidth setting, compute the capacitances to be added/removed in the
integrating nodes so as to bring the response back to the desired. One example for
finding AC (sayA() is given in Tabl&.1. Column-2 shows the number of unit
capacitors (denoted as) to be added/removed in the integrating nodetlahd
‘]” indicate that the capacitors should be added and removed respectively.

At a given integrating node, capacitance may need to be added for some band-
width settings, while it may need to be removed for the remaining bandwidths.
However, AC' banks which are realized using 3-terminal NMOS structures can
only add the capacitances.

This is taken care by adding/removing an appropriate number of unit capacitors in
C: and(s, so that the capacitance to be realized ughdg banks monotonically
increase/decrease with the bandwidth setting.

In the example table, we choose to remove 4 unit capacitors from node-1. The
resulting number of unit capacitors to be realized from &A@, bank is listed

in column-3 ¢n;). Observe thatn, is monotonically decreasing for this case.
Column-3 tells us that, for each bandwidth setting, one need to add capacitance
equal toon; x Con using theAC; bank (assuming that the unit capacitance of
(1 is equal toCpy of the unit NMOS capacitor).

3. From @.19), itis known that adding a unit NMOS capacitor to a node increments
the capacitance at that node (v — Corr). Therefore, we need to find the
number of unit NMOS capacitorsn) required to realize the desired capacitance
in AC (i.e. én; x Cpy) for each bandwidth setting. This number can be found
usingm = dn1Con/(Con — Corr) and approximating the result to the nearest
integer. This is shown in column-4 of table whetgy andCorr are assumed
to be 20 fF and 6 fF respectively.

4. Decide upon the suitable strategy to switch-in the desired number of unit NMOS
capacitors iInAC; and AC, (calculated in the previous step), using the pro-
grammable structure shown in the inset of FigliS For the example shown,
the best strategy would be to switch 13, 6 and 3 unit NMOS capacitors using the
bandwidth setting bits,, b; andb, respectively.

5. If M is the total number of unit NMOS capacitorsAtC; branch, the fixed capac-
itance M Corr must be taken into account by subtracting an equal capacitance
from C;. Similar adjustment should be done for the other node also. For the ex-
ample, the number of unit capacitors to be removed f€Gnean be computed as
(16 + 6 + 3)Corr/Con = 6 fingers.

6. Repeat the steps 1 & 2. If the capacitors to be added/removed are more than the
unit capacitor, then repeat the steps 3 through 7.

The idea presented for the Gm-C biquad can be extended to more complex architec-
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tures like the ladder filter used in this thesis. With the efficient design centering tech-
nique (presented in the chap8r one can easily compute the values/of’ required

for each bandwidth setting.

( enhancement is traditionally handled using comgletuning loops (see for ex-
ample,/Stevenson and Sanchez-Sinendi®9§). These techniques are not only com-
plex and have an area overhead but also suffer from clock feedthrough. The proposed
technique accomplishes the same objective, using a DC servo loop (which is needed
anyway to stabilizef,). It is a simple and area efficient technique. This is possible
because the integrator high frequency pole (occurring due to NQS effects) tracks the
unity gain frequency (thanks to the use of accumulation MOS capacitors as integrating

elements).

4.3 SIMULATION RESULTS

The technique presented in the previous section has been used to compensate for

MOS NQS effects on the'5order ladder filter designed in Chapfer

The layout extracted filter is simulated by setting the iggmod=1in the MOSFET
model files. The resulting response is plotted in Figugd for all bandwidth settings.

These responses are used for correcting for the NQS effects.

Figure4.22show the response of the filter after correction. Notice that all the peaks
in the responses are brought back to 0dB. The variations in the first minima of pass
band is due to the minimum realizable unit capacitor. The proposed theory is borne out
by experimental results from the fabricated chips. These measurements are presented

in chaptel.

69



Normalized magnitude response (dB)
o

I 1 j
300 400 500 600
Frequency (MHz)

I
0 100 200

Figure 4.21:Normalized magnitude response of the layout-extracted filter without NQS
compensation.

Normalized magnitude response (dB)

0 100 200 300 400 500 600
Frequency (MHz)

Figure 4.22:Normalized magnitude response of the layout-extracted filter with NQS
compensation.
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CHAPTER S

ACCURATE CHARACTERIZATION OF ON-CHIP
INTEGRATED FILTERS

Integrated filters are not stand alone devices, but intended to be embedded parts of a
complete on-chip analog front end. Hence, they are not designed to drive parasitics due
to the package and test board. When characterizing the filter in packaged chips, the
effects of the package must be de-embedded from the response of the filter. The charac-
terizing procedures should be able to accurately measure the filter frequency response

both in the passband and the stopband.

T TTTTTTTTTT T m T Direct Path
i ! T,
i + - $ vdd °Vo,dir
| TB1 | o—% 50 Q
1 + ™
: T
i Test Buffer ! -
T i ! T
V: 1 2
i il s n Vi o Vo il
mh -t m % r%
L Lt
N ! TestBuffer ! Filter Pth
i CHIP |

___________________________________________

Figure 5.1:Conventional on-chip filter measurement test setup.

A common technique, originally proposed byauta(1992), employed for on-chip
filter characterization is shown in Figusel. The filter to be tested is assumed to be
fully differential. Transformer T1 converts the single-ended stimulus (from the test
equipment) into a fully differential signal that excites the filter. Since the filter is not

designed to drive external loads, two nominally identical on-chip test buffers TB1 and



TB2 are used. These test-buffers, which are biased with sufficiently large currents so
that external loads can be driven, are only activated during characterization. TB1 senses
the input of the filter and forms the direct measurement path, while TB2 senses the
filter output. T2 and T3 convert the test-buffer outputs into single-ended signals that
are measured by the test instruments. The test buffers, IC package and board parasitics
have a frequency response that must be de-embedded in order to obtain the true filter

response. The following assumptions are made regarding the test-setup.

a. TB1 & TB2 are matched.
b. The measurement paths at the outputs of TB1 & TB2 are identical.
c. The inputimpedance of TB1 & TB2 is negligible.

d. The reverse transmissions of the filter, TB1 & TB2 are negligible in the frequency
range of interest.

Assumption (a) is reasonable. (b) is a bit harder to achieve, since the designer has
little control over the package. (c) can be enforced by design, and is necessary anyway
as the test-buffers should not load the signal path. As for (d), the usually used active
filter and test buffer topologies can easily achieve reverse isolations of 90-100 dB even
at high frequencies. The signal flow graph (SFG) of the test setup, used to calculate
H(f) is shown in Figur®.2. H;, is the transfer function of the input path, i.e, fram
to the filter input.H; is the transfer function of the filter anfd, is the transfer function

from the test buffer input to the balun (T2, T3) output.

If the SFG of Figur®.2Zis valid, it is seen that the frequency response of the filter is
given by

1y (f) = Yerild) (5.1)
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Hy Hy Vo i

Figure 5.2:Signal flow graph of the conventional test setup.

In practice, since the magnitude responsé/gf f) is of interest, a Spectrum Analyzer
(SA) can be used to measure the magnitudes,of,(f) andV, 4. (f). Alternately, a
Vector Network Analyzer (VNA) can be used to measure the S-parameters of the filter

path and direct path. It can be shown that

Vosa(f)  Savpalf) (5.2)

Hlh) =300 = SoanlF)

The setup described above has the advantage of simplicity. Apparently, filters with very
high bandwidth can be measured even with a very low-cost package, since all package
and board parasitics are calibrated out. This technique has beele flaectomethod

used to characterize filters by several workers over the years.

From the measured magnitude responses reported by various authors, the conven-
tional test technique enables a very accurate characterization of the passband response
(where H(f) is large). However, in our experience, as well as experimental results
reported in the literature (for exampl®e Veirman and Yamasaki992), Pavanet al.

(2000), Harrison and West¢2003, Pandayet al! (200€) Chamlaet al. (2005), the
accuracy of the measurement in the stop-band of the filter is poor. Typically, the mea-
sured|H(f)| does not reduce beyond -60dB even at high frequencies, and is quite

sensitive to the package and test board. The equiripple group delay fiDer\éirman

73



and Yamasak{1992 has a measured stopband attenuation that does not reduce below
-60 dB beyond 40 MHz. Measurements made on the fourth order Butterworth filter re-
ported inPavanet al. (2000) were only accurate for frequencies where the attenuation
was less than about 60 dB. The measured stopband attenuation of the fifth order elliptic
filter in Harrison and West¢2003 was -50 dB at 300 MHz but went down to -35dB

at higher frequencies. The authorsReEndayet al! (2006) report that the response de-
viates from the ideal at about 300 MHz due to test setup issues. Test setup problems
are not restricted to high frequency filters - measurements of the baseband Butterworth
filters reported inChamlaet al. (2005 show a deviation from the ideal beyond a few
megahertz, where the attenuation is greater than 70 dB. Usually, such problems are at-
tributed to the “quality of the test-setup”, implicitssuminghat the filter itself has no
problems. It is therefore seen that there is a need for a characterization technique that

is also accurate in the filter stopband, and robust with respect to package properties.

Like the frequency response, the output noise spectral density of the filter is also
effected by the package and board parasitics. With the technique of Bidutiee mea-
sured noise spectrum will be the combination of the noise due to the filter, test-buffer
and any other device (contributing noise) present in the measurement path. In order to
obtain the filter noise spectral density, it is necessary to remove the effect of the pack-
age and other sourceRizzoli and Lipparini(1985 andPucelet al. (1992) presented
techniques to measure the noise spectral densities of packaged two-ports. However, a
multiport package model is assumed to be available (from package measurements or

simulations).

In this chapter, we propose techniques for accurate characterization of on-chip ac-
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tive filters, without some of the disadvantages associated with prior work as discussed
above. The additional complexity introduced in the on-chip test hardware due to our
techniques is negligible. Two improved techniques, one using a VNA and another using
only a spectrum analyzer are proposed for the accurate frequency response measure-
ment. A technique for the accurate measurement of the noise spectral density of the

filter is also proposed.

5.1 LIMITATIONS OF THE CONVENTIONAL MEASUREMENT TECHNIQUE

An implicit assumption made in arriving &.Q) is that there is no coupling between
the three ports of Figu®1 (the input, direct path output and the filter path output).
While this is accurate at low frequencies, the isolation between the three ports decreases
with frequency. This makes sense, since the inductive coupling (through the bond-
wires and PCB traces) and capacitive coupling (through the pin-to-pin & PCB inter-
trace capacitance) increases with frequency. The measured isolation between the three
ports of the test board used in this work to characterize the filter prototype designed in
chaptel, is shown in FigureS.3 5.4and5.5. In all these figures, the lower curve is
the isolation of the board (without the packaged IC), while the upper curve shows the
isolation with the IC package, but without the die. From these figures, it is seen that the
package is the dominant contributor of port-to-port coupling. Note specifically that the
isolation between any of the ports is only about 55dB at 500 MHz. This means that,
with this particular test setup, a filter with a stop-band attenuation better than 55 dB at
500 MHz cannot be measured accurately, since direct feedthrough due to the package

dominates the filter path output. It is clear, therefore, that any characterization technique
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must account for (or eliminate) spurious coupling through the package.
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Figure 5.3:Isolation of the filter path with and without the packaged IC.
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Figure 5.4:Isolation of the direct path with and without the packaged IC.
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Figure 5.5:Isolation between the output ports with and without the packaged IC.

Figure 5.6:Signal flow graph with finite package isolation.

Considering package and board feedthrough, the signal flow graph of Bigure
can be redrawn as in Figubet. k,, k, andks; model the package feedthrough terms.
Here we assume that the output ports of TB1 and TB2 are symmetric with respect
to the input port. This is not necessary (from Fighr&and Figuréb.4), but makes

the analysis simple and expressions less tedious. Solving the signal flow graph, and
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neglecting higher powers @f;, k, andks (since they are small), we obtain

v,
Vossld) - b, H Hy + b Hyn + s Hon Hy

V:) r
V’f;( Jf{ ) ~ Hipn Hy + kyHy, + ksHyHHy,

+ko(Hy HE + Hy HE Hp) (5.4)

Clearly the ratio of $.3) and ©6.4) is no longerH ;. However, in the filter passband, the

direct and filter path outputs can be approximated as follows.

va’(l;{ ) ~ H,, H;H, (filter path) (5.5)
%‘2127«;{ ) ~ H,;,H, (direct path) (5.6)

The ratio of the outputs of these paths is seen té/beindependent of the package. In
the filter stopband (whef; is very small), the filter path output is dominated by direct

feedthrough.%.3) and 6.4) can now be written as

i0 le(f) H H. H a S.1
Lz(f) ' ’ ’ ( oY ) ( )
Lo,di(r‘;)] ) ~ Hme —+ k‘l Hzn + k‘g I izn I ibQ (direct path) (58)

From the above, it is seen that the measured stopband response is indepettignt of

To make matters worse, tigs typically increase with frequency, whilé/ ;| decreases

with frequency - hence the conventional technique can lead to gross measurement errors
in the filter stopband (this observation can be confirmed by several measured filter re-

sponses reported in the literature). Further, since:tfsedepend on packaging details,
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the measured stopband response is a function of the package/PCB used to characterize

the filter.

5.2 PROPOSED MEASUREMENT TECHNIQUES

| FILTER | S TB2

Figure 5.7:0n-chip portion of proposed technique.

In this section, we present two improved measurement techniques which account
for and eliminate package feedthrough to a large degree. The schemes does not require
knowledge of the package details, or measurements of isolation of the package. The

additional complexity introduced on-chip is negligible.

5.2.1 Method - 1 : Using a Vector Network Analyzer (VNA)

The basic idea behind this technique is the following - If the filter gain is multiplied
by —1, we see from3.3) that the term due to the filte¥d;,, H s H,) changes sign, while
all the terms due to package feedthrough (exéept;,, H2 H, which can be neglected
in the stopband) remain the same. Thus, the difference of the filter path transfer func-
tions measured with the filter as is, and with the filter gain multiplied-ayis largely

free from feedthrough terms. Since the filter and testbuffers are fully differential, mul-

79



tiplication of the filter gain by—1 is trivial, and is accomplished using a simple cross

coupled switch network.

The on-chip portion of the proposed technique is shown in Flgw:eT he off-chip
portion is not shown as it remains identical to that shown in Fi§ut.eEach test-buffer
has two pairs of switches at the input. Considering the filter-path, two pairs of switches
(labelledSy, andSy,) are added between the filter and TB2. When the switéhgare
turned ON, they enable the direct connection of the filter to TB2. Turning on the two
inner switchesS;,, instead is equivalent to multiplying the gain of the filter by -1. Note
that Sy, and Sy, are not closed simultaneously. A similar arrangement is provided in
the direct path (switche$,;, andS,,). Each pair of switches is controlled by an external
digital signal. It is necessary (and straightforward) to ensure that the input impedance
of the test buffers remains the same irrespective of which pair of switches is turned on.
The proposed technique calls for 4 measurements - two for the filter-path and two for
the direct-path. The filter-path transfer functions measured v#hgand Sy, are ON
are denoted by{; , andH; ,, respectively.H ; , is approximately given by the right

hand side of%.3). ReplacingH ; with —H in (5.3) givesH;; ,,. From this, we see that

Hpyp — Hypip = 2H;,, Hy Hy(1 + ko Hy) (5.9)

The direct feedthrough terms get eliminated as their phase does not change when the
filter gain changes sign. A similar set of measurements is made on the direct-path, with
Sqp and Sy, ON and the resulting transfer functions are denoted#y.,, and Hy,.,,

respectively. Using3.4), and proceeding in a manner analogous to the derivation of
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(5.9), we see that

Hdir,p — Hdinn =~ QHWHb(l + k’gHbe) (510)
Using 6.9 and 6.10), the filter response can be obtained as

_ Hypiup—Hyin

H ~
f(f) Hdir,p - Hdir,n

(5.11)

The approximation above is justified since the feedthrough terms are very small com-

pared to unity.

The procedure discussed above involves measurement of complex frequency re-
sponses and the operations are complex. Therefore, the technique requires a VNA to
measure the S-parameters of the filter path and direct path, in which case, it can be

shown that,

21,dirp 21,dirn

Test Buffer Design

Figure5.8shows the simplified schematic of the test-buffer and the associated switches
Stp andSg,. When the control bif3 is high, transistors\/,, and A/, are ON, while
M,, and M, are off. The opposite situation occurs whBris high. The source fol-
lower stage at the input results in a very high input impedance, which is almost fully
capacitive. This (small) capacitance can be taken into account during the filter design
process. Notice that the input impedance of the test-buffer remains the same regardless

of which of switch pairs are ON.

The dimensions of M3 and M4, which form a differential pair, are chosen so that
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Figure 5.8:Simplified schematic of the test buffer and polarity reversal switches.

they have a large gate overdrive voltage. This is important, since the distortion of the
test-buffer should be small when compared to that introduced by the filter. M5 & M6 are
cascode devices that increase the isolation of the test-buffer, whose output is a current
that is terminated with a resistance on the test-bodid.is a damping resistor that

prevents common-mode oscillation of the cascode with the package inductance.

5.2.2 Method - 2 : Using a Spectrum Analyzer

One advantage of the technique proposedanta(1992) is that it needs only mag-
nitude measurements, which can be made using a spectrum analyzer with a tracking
generator (note that the VNA technique described in the previous section needed both
magnitude & phase). In this subsection, we propose a technique that attempts to elim-
inate package feedthrough, but uses only magnitude response measurements. The ba-
sic idea behind the technique is as follows. The output of the filter path is the (com-

plex) sum of the signal through the filter and that through the package. If there was no
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feedthrough, changing the gain of the filter-path by a faetaould result in the ampli-
tude of the filter-path output changing by This will no longer be the case with pack-
age feedthrough. Thus, the amount of feedthrough can be estimated (and eliminated)

by monitoring the amplitude of the filter-path output when the path gain is changed.

With independent control of the gains of the filter & direct paths, the signal flow
graph of Figures.6 is modified as Figur®.S. a; & «y represent the programmable

gains of the filter & direct paths respectively.

Figure 5.9:Signal flow graph of the setup with gain control.

The equationsd.3) and 6.4) are now modified as

Hfil ~ ()éQHianHb[l =+ kQ(agHbe + Oéle)]
+]€1Hm + ]{ZgOélHing (513)
Hdir ~ OélHZ'ng[l + kz(agHbe + Oéle)]

+k‘1Hm + kgOéQHbeHm (514)

In the above equations, we assume thain, H, H ;+aq H,)| < 1, since feedthrough
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terms are small compared to unit$.13 and 6.14) then simplify to

Hfil ~ OégHmeHb—i‘Hx (515)

Hdir ~ alHing+Hy (516)

where, H, = k1H;, + ksonH;,H, and H, = kH;,, + ksaoHyHH,;,, represent
feedthrough terms. The magnitudes of the filter and direct path transfer functions can

be written as

|Hfil‘2 ~ ’%HmeHbP + |Hac’2
+2 |y Hip Hp Hy||H,| cos by (5.17)
|Hu|” ~ oo Hy Hy|* + | H, >

+2 |ay Hy Hy||Hy| cos 6y (5.18)

¢, is the angle betweeH,,, H ; H, andH,, while 0, is the angle betweef,,, H, and H,,.

In each of the equation®(17) and 6.1, we have 3 unknowns. The left hand
side can be obtained from measurements.This means that three sets of measurements
on each path are needed to compute the three unknown variables. Note that our interest

is to determinéH,,, H s H,| and|H;,, H,|, and therebyH|. This is done as follows.

a. Three magnitude response measurements are made on the filter path, with differ-
ent gains :ay = 2, -2 and 1, withn; set to 1. Solving$.17) for |H,, H;H,|?, it
can be shown that
1
|HinH H,* ~ [Hpl2 _,+ 3 [HpalZ,_
4
= 3 Halo, - (5.19)
b. Three magnitude response measurements are made on the direct path, with dif-
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Figure 5.10:Simplified schematic of the test buffer with variable gain and constant
bandwidth.

ferent gains :a; = 2, -2 and 1, witha, set to 1. Solving’8.18) for | H;, H,|?
yields

2
a1=—2

1
|Hing|2 ~ ’Hdir|21:2 + g |Hdir‘

4
S ‘Hdir’2

. (5.20)

a1=1

c. Theratio5.19/(5.20 yields the squared magnitude response of the filter.

Programmable gain test buffer

Figure5.10shows the schematic of the programmable gain test-buffer. The polarity
reversal switches at the input are not shown, since the arrangement is similar to that
in Figure5.8. To achieve gain programmability, a differential pair M8-M9, whose tall
current can be shut off using a digital control signal BO, is added in parallel with the

original pair (M3-M4). When M8-M9 are turned off, a dummy pair Md1-Md2 is turned
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on, so that the impedance at nodes& im; remain the same. It is thus seen that the
gain of the test-buffer can be increased by a factor of tmlule maintaining the same

normalized frequency response.

5.3 AMODIFIED TEST-SETUP FOR THE PROPOSED MEASUREMENT TECH-

NIQUES

i FILTER | Sg T8 |

Figure 5.11:0n-chip portion of improvement to the proposed technique.

An improvement to the test-setup for the proposed measurement techniques pre-
sented in sectich.Z is shown in Figur®.11. The improvement is on chip where, the
outputs of the two test buffers (TB1 and TB2) are tied together and a single output
is brought out of the chip. Only one test buffer will be on at any time. Since, at a
given time, only one path from the input to the output is active, the effect of pack-
age feedthrough will be reduced to a large extent. The SFG of this setup is shown in

Figure5.14a) & (b) for the cases when TB1 and TB2 are on.

Solving the SFG in Figurg.12(a)&(b) for the filter path measurement, neglecting

higher powers of; andk,, we get -
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(a) (b)

Figure 5.12:Signal flow graph for the improved method when (a) TB2 is on (filter path
measurement) and (b) TB1 is on (direct path measurement).

Vov’le}{ )~ HyHyHy 4 by Hy o+ ko Hy HEH (5.21)
V;Jdir(f) 2
‘/z(f) b+ K1 “+ Ko b ( )

Notice that b.21) and 5.22) are largely free from the feedthrough terms when com-
pared with6.3) and 6.4). When the proposed VNA method is used for this test-setup,
we see thaall the feedthrough terms are cancelled and no further approximation (like it
was made in arriving ab(11)) is necessary. Therefore the modified on-chip test setup

improves the measurement accuracy in the stopband.

5.4 MEASUREMENT OF NOISE SPECTRAL DENSITY

The output noise spectral density of a filter is an other important quantity that needs
to be measured. Usually, the spectral density of the noise at the output of the filter
path (as shown in Figufe1l) is measured, from which the mean square noise of the
filter is calculated. Since the frequency response of the package and the noise of the

test-buffers is not accounted for, this approach can lead to erroneous results. In the
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Figure 5.13: (a) & (b) Test setup for the measurement of noise spectral density of the
filter. (c) Block diagram of the test setup.
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microwave literature, several authors have reported techniques to measure the noise
properties of packaged two ports. These techniques are accurate but require knowledge
of the package, from measurements or simulation. Here, we present an approximate
technique that does not need package information. The test setup used in our work for

measuring the filter output noise spectral density is shown in FlgLr&a)&(b). Itis a

two step process, involving the measurement of the filter and direct path noise spectral

densities. Since the spectrum analyzer has a poor noise figure, a low noise RF amplifier
is used to amplify the noise output of the desired path. Unused ports are terminated in

501

The equivalent block diagram of the test setup is shown ibHi§c). v,,; & v, are
the output noise voltages of the input path and the filter respectively. The input path has
a transfer functiorf{;,, and Hy; is the transfer function of the path from the filter output
to the spectrum analyzer input,; is the input referred noise voltage of this path (note
that 3, includes the RF amplifier)v,.¢, v,q are the filter path and direct path noise
voltages measured in the spectrum analyzer. From Figur&c), the spectral densities

of the filter & direct output noise are seen to be

Sur(f) = Sont(NHHnl* + (Sua(f) + Sona(£)) | Hua |*

Sna(f) = (Son1(f) + Sun2(f))| Hin|* (5.23)

From the above equations, we see that

Sus(f) = Sna(f) = Somt (F) (1Hy|* = 1) Hya |* + Soo () Hya |* (5.24)
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The first term on the right hand side @&.24) is much smaller than the second term

due to the following. Noise contributed by the input path is negligible compared to
that (S,.) generated by the filter as input path noise is only due to the input termination
resistors (about 28). Further, in the filter passband (where the noise spectral density

is significant),|H|* ~ 1. Thus,S,.(f) can be approximated as

| Ha [?

Sva(f) = (5.25)

The direct measurement éf,; is problematic sincéf;,, & H,; are in cascade, as seen
from Figure5.13c). In the active filter literature, it is common practice to assume
the noise at the filter path output is only due to the filter, neglecting the test-buffer
noise. When the buffer noise is significant, or when the effects of the package are not
accounted for, it becomes difficult to estimate the filter noise spectrum (for example, see
the measurements reportedGopinatharet al/ (1999). Another common technique is

to assume thdt,,; | is the same as the gain of the direct path. In this work, we propose
a technique to estimaté/,, |, thereby enabling a more accurate measurement of noise

due to the filter.

5.4.1 Measurement of Hy,|

DUT (Test board and RF amplifier)

_______________________________________________________________

i Zo i Vis ! VRr i !2: i i
| WA yp— |
ivsé\b i FV1+§ Hln % R Hbl i O i % Z0 i
J S T
TUUNATTT T e VNA

Figure 5.14:Test setup for findind7,;
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The basic idea is to observe that,; | can be determined if it was somehow possible
to infer the magnitude ofH;,|. From Figuréb.14 it is seen that the input reflection
coefficient can be used to determiffé;,| as follows. R is a nominally 5Q on-chip
termination resistor (in practice, this can be implemented by a transistor, which is only
turned on during test time)/; . denotes the voltage wave incident on the input port of
the Device Under Test (DUTY. is the reflection coefficient. If the transmission from

the input port of DUT to the resistor (R) is lossless

Ve 2 _ Vi
——~(1-T)) == 5.26
7 (1=0P) = (5.26)
Al _ Vo T — 2 i qi
S0, S91 = v Hy = A andI’ = Sy;. Thus,|Hy, |* is given by
1+ R
2
JE A — (5.27)

71 =1Suf?)

In practice, the transformer (used for single-ended to differential conversion) has a
loss (1dB in our case). Denoting the power lossabyt can be shown thdt,, |> can

be determined by using

|Sa1[?

S 2
af(1— Bk

|Hp|* = (5.28)

Sp1 and Sy, are be obtained by measuring the scattering parameters of the direct path .
R can be easily measured across the input terminals of the &%) ¢an be evaluated

to obtain the noise spectral density of the filter.
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Figure 5.15:Schematic of the test bench used for validating the proposed measurement
technique. The mutual inductance used for the test-setup is given in Ta-
ble5.1

Table 5.1:Mutual coupling between the bondwire inductances used for the simulation

L2 L3 L4 L5 L6
L,106/03/03/03|06
Ly|- 106030303
Ly|- |- 1106|0303
Ly|- |- |- 10603
Ly |- |— |— |- |06

5.5 SIMULATION RESULTS

To validate the proposed frequency response measurement techniques, simulations
were run on the extracted netlist of the filter designed in ch2of€he test chip has in-
dependent filter path and direct path. Inductive couplings were deliberately introduced
between the three ports of the filter chip. Figbrésshows the schematic of the test-
bench used for the simulatiorl.1 — L6 represent the bond-wire inductances and are
mutually coupled to each other. The coupling that was used between these inductors

are shown in TablB.1.

Figure5.16 shows the simulation results for the filter set at the lowest bandwidth

(71.4MHz). It can be seen that in presence of coupling, the conventional technique is
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Figure 5.16:Simulation results for the proposed measurement technique using a VNA

accurate only upto an attenuation of about 50 dB at 150 MHz, where as the proposed

measurement technique is robust even till 1 GHz. However, in the passband the conven-

tional technique is still accurate, as mentioned earlier in this chapter.
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CHAPTER 6

EXPERIMENTAL RESULTS

This chapter presents the experimental results of the fabricated chips along with the
details of the test board. Two filter test-chips were fabricated in ay;8&MOS pro-

cess from Austria Micro Systems (AMS) through the Europractice program. One chip
did not incorporate NQS compensation and was design centered using a simple model
for the transconductor, as is the normal practice. Another chip, fabricated on the same
run, had incorporated in it our proposed NQS correction scheme. Both the chips were
fabricated in a single die of 10 nfmFigure6.1 shows the die photograph of the chip
without NQS compensation. Figue? shows the bonding diagram of the chip. The
chips were packaged in a 40-pin DIP. Both the NQS uncompensated and compensated
chips are pin compatible. The pin-out of the packaged IC and the functionality of each

pin is given in AppendiB.

6.1 DESIGN OF THE TEST BOARD

A two layered printed circuit board (PCB) was used to characterize the filter chips.
The dimensions of the PCB are measuteéd x 3.2”. A photograph of the populated

PCB is shown in Figuré.3

The baluns (T1-T3, referring to Figusel in chapteb) for the signal conversion
from single-ended to differential and vice-versa are wide-band RF transformers ADT1-

1WT from Mincircuits. They have a frequency range of 0.4-800 MHz with an insertion
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Figure 6.1:Chip die photograph.
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Figure 6.2:Bonding Diagram
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Figure 6.3:Snap-shot of the populated PCB

loss of 3dB. Every attempt is made to decouple the supply voltage from the possible
signal coupling and/or noise by inserting decoupling capacitors close to each supply pin
and of the chip. The decoupling at each point is done usingd-Hectrolytic capacitor

(for suppressing low frequency noise) in parallel with a 10 nF surface-mount capacitor
(for decoupling high frequency noise). Other DC bias voltages are also decoupled in a

similar manner.

The board has two LM334 based current source/sink circuits. These circuits are
used as a provision to modify the common-mode reference voltage and the cascode
bias voltage (for the transconductors) which are generated on-chip if necessary. The
details of these circuits are given in Appen@ix The bandwidth setting control word

and the test buffer control bits are set manually using DIP switches.
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6.2 RESULTS ON NQS EFFECTS AND ITS COMPENSATION

Figure6.4 shows the response of the filter without NQS compensation as the band-
width is programmed. The test-setup has a bandwidth of about 800 MHz due to the
baluns used. Hence the magnitude response is shown only up to that frequency. No-
tice the excellent stop-band response. The stop-band response of the filter with NQS

compensation is shown in FiguBes.

10 T T T T T T T

0

Normalized magnitude response (dB)

300 400 500
Frequency (MHz)

0 100 200 600 700 800

Figure 6.4:Magnitude response of the filter without correcting for NQS effects.

Figure6.6 shows the frequency response of 20 chips each kind (with and without
NQS compensation) plotted on the same plot, for the highest bandwidth setting. Ob-
serve the consistently higher peaking and higher cutoff frequency when NQS effects in
the transistors are neglected. Due to an error in MOS capacitor modeling, series resis-
tance of the MOS accumulation devices used as integrating capacitors was not taken
into account during simulation. This resistance along with the interconnect resistances,
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Figure 6.5:Magnitude response of the filter with NQS compensation.
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Normalized magnitude response (dB)
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— NQS compensated

0 100 200 300 400 500

Frequency (MHz)

700

Figure 6.6:Comparison of the frequency response of 20 chips measured under identical
conditions, with and without NQS compensation. In both cases, the filter is
set to the highest bandwidth.
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Figure 6.7:Measured filter response is compared with that of the simulated filter con-
sidering the channel resistance of MOS capacitors and interconnect resis-
tances, for the NQS uncompensated and the NQS compensated filters. The
responses are plotted for both the highest and the lowest bandwidth settings.
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Figure 6.8:Measured frequency response variation with ambient temperature.
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leads to additional damping of the filter response. Hence, the peaking in the filter with-
out NQS compensation was smaller than expected. This also explains the droop in the
responses with NQS compensation, as the proposed scheme effectively overcompen-
sates for the excess phase of the integrator. The good repeatability of the filter responses
indicates that the proposed technique is robust. The cutoff frequency variation among

the samples is-1.4%.

To verify the effect of resistance of MOS capacitors, simulations were done on the
model of the NQS uncompensated and the NQS compensated filters by including the es-
timated value of the MOS capacitor resistances along with the interconnect resistances.
The distributed effect of these resistances were taken into acdRanayiet al. (1999
andLarsson(1997). The result is shown in Figu&7. The simulated response shows
that the smaller peaking in the measured response (than expected) is indeed due to the

unaccounted MOS resistances and the interconnect resistances.

Figure6.€ shows the measured frequency response over an ambient temperature
range of(° — 70°C. The bandwidth variation with the temperature is found to be

+1.7 %.

6.3 RESULTS ON PROPOSED CHARACTERIZATION SCHEMES

6.3.1 Frequency Response Measurement Using a VNA

Since the stop-band response is of prime interest here, we present results with the
filter bandwidth set to the lowest value (71.4 MHz). A VNA (E5070-B model from

Agilent Technologies) was used to measure the S-parameters of the direct and filter
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paths. Note that the filter has stopband attenuation of 90 dB at 400 MHz, which is about

30 dB smaller than the isolation of the package !
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Figure 6.9:Comparison of the responses obtained for the conventional technique and
proposed VNA based method. The inset shows the passband detail - the re-
sponses measured using the conventional and proposed techniques are vir-
tually identical, since package isolation is high in the filter passband. Notice
that the stopband attenuation measured using the proposed technique is less
sensitive to package variations.

The measured passband detail is shown in the inset of Feg€resing the conven-
tional and proposed techniques. There are actually two measurements in the inset, but

they are virtually indistinguishable. This is to be expected, since package isolation is

high at low frequencies (within the filter passband, see Fi¢gh5.4 & 5.5).

To investigate the sensitivity of the measurements (especially in the filter stop-band)
to the package, measurements were made for two “different packages”, named A & B
in the discussion to follow. Package A was a 40 pin DIP, while the Package B was the

same 40 pin DIP with a copper strip pasted on to the top of the package, thereby mod-
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Figure 6.10:Photograph of the package A and B used for investigating the sensitivity
of the proposed measurement technique. Package A is a 40 pin DIP and
Package B is the same 40 pin DIP but with a copper strip pasted on it.

ifying the high frequency port-to-port isolation. Photograph of the package A and B
are shown in Figur6.1Q Figure6.S compares the responses obtained through the use

of the conventional technique and proposed VNA based technique. It is seen that the
conventional measurement is in error beyond about 200 MHz. Moreover, the measured
stopband response is sensitive to package characteristics. In contrast, the proposed tech-
nique is seen to be almost insensitive to the package, while being accurate to 350 MHz,
where the attenuation of the filter is about 90 dB. The deviation from the ideal response
beyond this frequency is due to higher order terms neglected in the derivation of the
technique, as well as mismatches in the filter and buffer paths. The response is not
shown beyond 500 MHz sinck/; , and H;, , are so small that they are buried in the

measurement noise of the VNA.

The 40 pin DIP used to package the filter is unsuitable for high-frequency work

such as this. Thanks to the proposed technique, accurate measurements can be made
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Figure 6.11:Magnitude responses measured using the conventional method and pro-
posed spectral analyzer method.

even in such packages. Note that higher accuracy can be obtained (through our tech-
nique) by using a better package, as well as increasing the gains of the test-buffers.
Further, the proposed technique can be extended to higher frequency filters, pack-
aged in correspondingly higher performance packages. Examples of such filters in-
clude transmission-line based multi-GHz analog adaptive filters for data communica-

tion (Sewter and Carusor{2006)).

6.3.2 Frequency Response Measurement Using Spectrum Analyzer Method

Figure6.11compares the filter responses obtained using the conventional and pro-
posed spectrum analyzer methods. It is seen that while the proposed spectrum analyzer
based technique is an improvement over the conventional method, the performance is

not quite as good as the VNA based measurement described in the previous section.
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Figure 6.12:Measured and simulated output noise spectral density of the filter for the
lowest bandwidth setting.

This makes sense due to the following. In the filter stop-band the magnitude measure-
ments depend on subtraction of two snsgjlarechumbers, each of which is corrupted

by measurement noise (compare this with the VNA method, where squaring is avoided).
Further, mismatch in test-buffer gain factors also contribute to error in the measured fil-

ter response.

6.3.3 Noise Spectral Density Measurement

During measurements, as mentioned in Chamtavo low noise wide-band RF am-
plifiers (ZKL-2R5 from Minicircuits) were used in cascade to amplify the noise of the
filter to levels much higher than the input noise of the spectral analyzer. Hdife
shows the measured output noise spectral density of the filter using the proposed tech-

nique. The noise measured using conventional technique is also shown Wigfe,
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Figure 6.13:Measured output noise spectral density of the filter when the filter band-
width is tuned over its range.

is (incorrectly) assumed to be the same as the direct path gain. Biddrghows the
output noise of the filter when the bandwidth setting control word is swept from 000 to
111. It is seen that the filter follows the noise properties of constant-C scaled networks
as explained b¥avan and Tsividi€2000). The measured integrated output noise of the

filter is 356,V rms, while the simulated noise is 34 rms.

6.4 DISTORTION MEASUREMENT

Figure6.14 shows the third harmonic distortion (HPof the filter as a function of
input peak-to-peak differential voltage. Th&!harmonic is found to be about 20 dB
below the third. The filter can handle a signal upto 0.5V peak-to-peak with total har-

monic distortion (THD)< 1 %. For the measurement, the filter bandwidth is set to the
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Figure 6.14:Third harmonic distortion of the filter as a function of the input voltage.
The filter is set to the lowest bandwidth and the test-tone is given at one-
third of the filter band-edge.

minimum (71.4 MHz), as the random mismatches are maximum in this setting. The
test tone is set at a frequency such that the third harmonic lies at the band-edge. This
is because at very low frequencies no current flows through the integrating capacitors
and the non-linearities of transconductors are cancelled by each@8mad(s and Shi
(1985), while for a test tone at higher frequencies, the third harmonic lies outside the
filter pass-band leading to wrong results. To justify this fact, a test is conducted where
%HDs is measured as a function of frequency for an input signal of 0.5V peak-to-peak.
Figure6.15shows the plot of HR as a function of frequency. It can be seen that the
distortion is maximum at 21 MHz (about a third of the bandwidth). The filter has a
dynamic range of 52 dB for THB1% and consumes a power of 100 mW from a 3.3V

supply. The summary of the measurement results are given inddble
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Figure 6.15:Third harmonic distortion of the filter as a function of the input frequency
for an input signal of 0.5V peak-to-peak. The filter is set to the lowest
bandwidth.

Thus from the test-chip results presented in this chapter, it is seen that the proposed
NQS compensation technique effectively compensates for MOS NQS effects without
any power overheads, while the proposed frequency response measurement technique
is found to be effective in cancelling the package feedthrough giving an improvement of
about two orders of magnitude when compared the conventional method. The proposed
method of noise spectral density measurement accurately estimates the noise of the filter

de-embedding the noise from other sources in the chip.
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Table 6.1:Summary of measurement results

Technology 0.35um CMOS
Filter type 5 order Chebyshev
Supply voltage 3.3V
Bandwidth 71.4-500 MHz
Active chip area 0.65mm?
Power 100 mwW
Integrated output noise 356V rms
Bandwidth variation -
for V= 3.3 V+10% +0.6%
with temperature (0 - AT) +1.7%

Test tone af=11®
Vinpp for THD<-40 dB 500 mV
Dynamic range for THB--40 dB 52 dB

Stop-band attenuation measurement at the lowest bandwidth setting

Package Details

40 pin DIP

Conventional Measurement

nique

TechMeasured response deviated from the

ideal response at 200 MHz. Filter at-
tenuation did not reduce below about
-65 dB & was sensitive to the package
used.

Proposed Technique using a Vectdvleasured response deviated from the

Network Analyzer

ideal response at around 350 MHz.
Stopband response was monotoni-
cally decreasing to about -100dB &
was insensitive to the package used.

Proposed Technique using Spectrumieasured response deviated from the

Analyzer

ideal response at 275 MHz. The mea-
surements were less sensitive to the
package when compared to the con-
ventional technique.
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CHAPTER 7

CONSTANT-C SCALED ACTIVE-RC FILTERS

The opamp-RC architecture is attractive, since the excellent linearity and low excess
noise of active-RC integrators result in filters that dissipate very low power for a given
dynamic range. However, designing high frequency opamp-RC filters is problematic
since the gain-bandwidth product of the opamps in an active-RC biquad must be much
larger than twice th¢,Q product of the highest quality pole pair of the filter transfer
function. In practice, the opamp is replaced by an operational transconductance ampli-
fier (OTA) with a sufficiently large transconductance to avoid the swing limitations and
power dissipation associated with the design of a low output impedance stage needed in
the case of an opanibsividis (1994). Even so, the active-RC architecture is (mostly)
avoided at high frequencies due to the difficulties associated with the design of OTAs

with adequate gain and bandwidth in low voltage CMOS processes.

i

A

Figure 7.1:(a) The programmable integrator bfarrison and West¢2003 and (b)
single-ended block diagram of the OTA.

O——

R/k

(@)

OTA finite gain and bandwidth issues are exacerbated when the filter bandwidth

has to be programmed over a wide range. To illustrate the problems associated with



programmability, consider the digitally tuned active-RC integrator shown in Figdre

The integrating resistor is tuned by means of a digital cbdeThe OTA is a feed
forward compensated structure, proposeayrison and West(2009). g,,; andg,,»

are cascaded to achieve high DC gaip,s; is a feed forward transconductor, which
introduces a left-half plane zero. When compared to a two stage design, this structure
is advantageous due to the following. The Miller capacitor required for compensation

in a two stage design needs to be charged and discharged at high frequencies, thereby
necessitating significant bias current in the second stage. Since this is avoided in the

feed forward compensated structure, it is fundamentally more power efficient.

To program the filter bandwidth, the typical strategy (see for exaidareison and
Weste(2003) is to vary the integrating resistors, while keeping the OTA unchanged.
At low filter bandwidth settings, the excess phase of the integrator is small, resulting in
a filter response close to the desired response. As the bandwidth setting is increased,
integrator excess phase increases, resulting in signifi@atthancement in the filter.

One solution to this problem is to design an OTA with so large a bandwidth that the
integrator excess phase remains very small for all bandwidth settings. Designing such
wideband OTAs would lead to significant power dissipation. It this thus seen if one is
interested in minimizing power dissipation in a programmabile filter, the usual strategy
of tuning only the integrating resistors results in a response whose shape varies with
bandwidth setting, as can be seen in several reported wideksigon and West2003)

andKhorramabadet al! (1996)).

In this chapter, we propose an active-RC technique that enables the design of high

frequency filters while maintaining frequency response shape and dynamic range when
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the bandwidth is programmed over a wide range. The basic idea is the use of the
“constant-capacitance scaling” principle, hitherto applied to high speed Gm-C filters),
in active-RC networks. An active-RC ladder filter is designed a pra&MOS process

to validate the proposed technique.

7.1 CONSTANT-C SCALED ACTIVE-RC INTEGRATORS

When an electrical network is constant-C scaled by a factall the poles and zeros
of that network are scaled hy. Therefore the frequency response of that network also
scales byv. In afilter, when all integrators are constant-C scaled Jthe bandwidth of
the filter increases by but the shape of the response remains the same, thereby enabling

wide-range programmability while maintaining performance. FiguZ&) shows the

ibo-z c
bﬁ-z — e F——
R,
om
o o~ + 2
Rint >/
I ] " op
boo  Em O ]
Do bg.o

(@) (b)

Figure 7.2:Schematic of constant-C scaled (a) active-RC integrator and (b) OTA.

constant-C programmable integrator used in this work. The OTA is a constant-C pro-
grammed version of the topology shown in Figidré(b), andR;,; and R, are digitally
programmable integrating resistors and zero-compensating resistors respectively. The

implementation details are described in this section. All circuits are fully differential.
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7.1.1 Programmable OTA
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M1-M4 : 2(2.03/0.18) M9, M10 : 4(2.32/0.36)

M5-M8 : 12(1.16/0.18) Ms1, Ms2 : 2(0.24/0.18)
Ms3-Ms6 : 12(1.16/0.18)

Figure 7.3:(a) Unit constant-C Gm-Cell and (b) Binary weighting of unit cells to realize
a 3-bit programmable constant-C transconductor.

The block diagram of programmable OTA used in this work is shown in Figiz(b).
gm1 and g, form the main signal path ang,; forms the feed-forward path. Each
transconductor is made 3-bit programmable by connecting binary weighted constant-C
unit transconductors in parallel. The schematic of the unit transconductor is shown in
Figure7.3(a) the architecture of which is similar to the unit transconductor shown in
Figure2.10 M1-M2 and M3-M4 form the main and dummy differential pairs respec-
tively. When the main pair is “on”, the dummy pair is “off” and viceversa, so as to keep

the input capacitance independent of the number of unit transconductors that are “on”.
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Table 7.1:Choices for implementing the unit resistor

bV bV bV
(a) « (b) ° © ©
R j_|—| Ry —?—,—| Ry R _L|—|RM
e S S

Runit Runit I:aunit

Parasitics Large Small Medium
Linearity High Medium High
Control No Yes Yes

7.1.2 Programmable Integrating Resistor ;)

The programmable integrating resistor is realized by connecting binary weighted
unit resistances in parallel. The unit resistance used for this purpose can be realized in
any one of the ways shown in Taldel. We denote the resistance of the FET and the unit
resistor byR,; andR,,;;. Figure (a) in the table shows a switch in series with a fixed
resistor (usually polysilicon resistor). The switch is made large, sahgtR,.; < 1.
Though this strategy has good linearity, the large parasitic capacitances associated with
the switch are problematic in high frequency filters. Also, there is no control over the
integrating resistor across process and temperature. An alternative approach is to use a
MOSFET, operated in triode region (figure (b) of Tebl#). A tuning loop is used to
control the conductance of the MOSFET. The parasitics of MOSFET is not of a prob-
lem as a small sized MOSFET is sufficient to realize the desired resistance. However,
it suffers from poor linearity, when compared to a polysilicon resistor. Figure (c) in
Table7.1 combines the merits of Figures (a) and (b). Here, the resistance is realized
as a series combination of a triode operated MOSFET resistance and a fixed resistor.
The resistance of the MOSFET is made a small percentage of the total resistance. This

reduces the signal swing across the MOSFET, increasing the lingagjty.can be kept
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Figure 7.4:Programmable integrating resistor

constant across process and temperature by tuning the MOSFET resistance.

In the active-RC ladder filter designed in this thesis, the unit resistor of a digitally
programmable integrating resistaR;(;) is realized as in option (c) of Tablel. Fig-
ure7.4 shows the complete 3-bit programmable integrating resistor. The MOS resistor
(My) in series with a 10R high resistivity polysilicon resistor forms the LSB. The
MOS resistors are controlled using logic signals b0-b2. Nodes X & Y denote the ter-
minals of R;,;, which are connected to the virtual ground and output nodes of the filter
OTAs respectively. Dummy resistors and switches are used in an attempt to keep the ca-
pacitance at node X the same, irrespective of the bandwidth settipg.M;; and M g
are the dummies corresponding ¢y, M; and M, respectively. While similar dum-
mies could be used at node Y, simulations show that maintaining constant-C at node Y

is not so critical and hence avoided to reduce the layout complexity.

A tuning loop controls the resistance of the transistor, so iatis maintained
relatively constant over process and temperature. The gate voltage of the MOS resis-

tors is boosted above the supply voltage to reduce the size of MOS resistor (hence the
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parasitic capacitances) and to improve the linearity. At the highest bandwidth setting,

R, is 1.667 K2. The MOSFET resistance is about 15%/%f;.

7.1.3 Programmable Zero-Compensating Resistor.)

X ] Dummy .
C Meg| M| My
EbO*VOC—H: b_1*voc—|[ bz*voc—[ X
______________________________ | z

ol D il -

i Mogq Mg Mag i Y
ibO*VOC—H: b_l*Voc—H: bz*voc—IE

18% bommeeeoy Dummy |

Mg, Moy : 20.48/0.18); My, Myy: 4(0.48/0.18) ; M,, M : 8(0.48/0.18)

Figure 7.5:Programmable compensating resistor

The programmable resistét, compensates for the right half plane zero occurring
because of OTA based integrator. It is realized using a bank of three binary weighted
MOS transistors operated in triode region, as shown in Fig&eR, is small when
compared to the impedance of the integrating capacitor in the frequency band of in-
terest. Therefore swing acrogs is small and distortion is not an issue. Dummy
transistors are used to maintain constant-C scaling. A tuning loop seRosthe

same stable off-chip resistor to whiét),,; is servoed.
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Figure 7.6:Floor-plan of the test chip.

7.2 DESIGN OF A FIFTH ORDER ACTIVE-RC LADDER FILTER

A fifth order Chebyshev active-RC filter with 1 dB pass-band ripple was designed
to test the ideas presented in the previous section. The bandwidth is 3-bit digitally
programmable over a 7X range from 44 MHz to 300 MHz. The filter is implemented as
a singly terminated ladder. Figtiret shows the floor-plan of the test chip. Apart from
the filter, the chip consists of resistor-servo and bias distribution circuits. It also has two
nominally identical test buffers TBand TB, to facilitate accurate characterization of

the frequency response.

A single-ended node-scaled version of the filter is shown in Fi@wierhe element
values shown are for the highest bandwidth setting oN888. Metal-Insulator-Metal
(MIM) capacitors are used as the integrating elements. The proposed constant-C scaled
active-RC integrator, explained in the previous section, forms the building block of the

filter. The tail currents of the differential pairs in the OTA are derived from a fixed
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Figure 7.7:Single ended schematic of the filter - component values are for the highest

bandwidth setting.
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transconductance bias circuit that servoes the transconductance of the OTA to an off-
chip stable resistor keeping the transconductance stable across process and temperature
variations. The fixed-Gm bias circuit and the bias distribution scheme are similar to
those explained in chapi2r The schematic of fixed-Gm bias and the bias distribution

circuit is shown in FigurZ.8 and7.S respectively.

7.2.1 Common-Mode Feedback circuit

The common-mode output of each stage of the OTA is fixed by a separate common-
mode feedback (CMFB) circuit. Figu#el0 shows the CMFB circuit that fixes the
common-mode of the second stage (i.e. output) of OTA. A resistor based common-
mode sensing is usedi:,, is the common mode sensing resistor. The detected com-
mon mode is compared with a common-mode reference voltage (generated on-chip)
and the resulting error is amplified using an error amplifier formedvhy M;. C.
is the compensating capacitor (2 pF) for stabilizing the common-mode lofpM/;
forms a NMOS source follower and drives the laige Ccj,S are small capacitors
(30fF) used to compensate for the pole formedryy,, and the input capacitance of

the error amplifier.

In order to keep the common-mode sensing circuit simle, is kept constant (i.e.
Re)y do not scale with the bandwidth setting). Since, differentidtly,, is in parallel
with the load on OTA, care has been taken in choodiiag, so that its influence is
minimum on constant-C scaling. A similar CMFB circuit fixes the common-mode of

the first stage output of OTA.

118



(8T°0/0T)¥ : L2 ‘6AIN 4d 0T =922
(S'0/0T)¥ : 82N ‘SAIN ONeE0T=Y (0T/¥Z°0) - 22N (5°0/S8°0)2E : STN (8T°0/0T)9T : 8TIA ‘SN
(S5'0/S8°0)8 : LA (8T°0/£0°2)2 : 92N (50/0T)9T : TZN (5'0/58°0)8 : ¥TIN (5°0/0T)9T : 6TIN ‘LIN
(5'0/0T)2Z : 9aN (8'0/98°0)2 : SZN (8T°0/0T)Z : 02N (5°0/G8°0)9T : AN ‘STIN (s0/0T)2E : 9-SIN
(8T°0/0T)8 : SAN (50/0T)2 : 2N (S0/LT)V: LTN (5°0/S8°0)0T : TN ‘TTIN (8T°0/0T)ZE : ¥-EN
(g'0/0T)8 : YAN (8T°0/0T)Z : €2\ (5'0/S8'0)9 : 9TIN (2'0/58°0)2T : OTIN ‘6IN (8T°0/£0°2)Z : Z-TAN ‘2-TIN
BulioLIN 1UN2JID Selg Wo-paxiH dn-uels
mm = mm
X GZIN ZTIN TTIN STIN ?N YTIN STIN 9TIN H
(nouIo x i NN_>_M__|
uonnqLIsIp ¥ H_ 2D \ﬁl LN m
a1 0)) ¥ _4-9 _ u ¥
selq 92N ! i
ﬂ i OTW 6N _ Rt
¥ |7+ v+ | H
| “ —~~ Q 1!
x TN )
: V-1 :
_ 1~ _ : _ ml | 1~ I~ _ m“ |
60N JI—=—i Losw - | R e Lo
9gIN eI 8N PN EN 0cn 8TN| 'l €2
¥ i _Na ?N 7_ |
_ _ : _ ml | 1~ 1~ 1~ _m |
san |} Lvan ] | | R | PR [PEE
“m 82N LN 9N S| T2 6TIN VeI

-

Figure 7.8:Fixed-Gm bias circuit
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L Filter OTA

My, My, : 2(2.03/0.18) Mg Mg, : 8(1.16/0.18) My;, M;, : 6(1.16/0.18)
M, M, : 12(1.16/0.18) Mg : 16(1.16/0.18) My, : 2(10/1)

Mg Mg, : 8(1.16/0.18) Mg, Mg : 8(10/0.5)

M, M, : 12(1.16/0.18) M;, My,: 8(10/0.5)

Figure 7.9:Current distribution circuit
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My M, : 2(2/1)
My M, : 2(2.32/0.36)
M : 12(1.16/0.18)
M. M, : 12(3.48/0.18)
R.n=220 kQ, C,,,=30 fF

Figure 7.10:Common-mode feedback circuit

7.2.2 Resistor Servo Circuit

Vdd (1.8 V)
al 10) Bl &)
(50 pA)
+ L Vs +
Vs
Rext +
. M, (2.917 kQ)% 146 mV .
’ N R. - ( \\
\\_//’ int RZ {] \\_//I
Vbat Vbat

Figure 7.11:Simplified schematic of the resistor servo loops.

As mentioned in the previous section, the MOS resistors usét,inand R, are
servoed to an off-chip stable resistor and their gate voltage is boosted above the supply
voltage. It was decided to have a control voltage in the vicinity of 3.3V. Figurg
shows a simplified schematic of the resistor servo laBp. is the off-chip resistor to
which R;,,; andR, are servoed. The working of this circuit can be explained as follows.
Consider the servo loop containirig,,;. The OpampA1 forces the voltagéd/, to be

equal toV, by changing the gate voltage bf,. When this happens x R..;=al X R;,;.
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Figure 7.12:Charge pump based battery generator

In other words,R;,; is adjusted to a valu&..;/«. A similar analysis holds for servo

loop containingR., in which caseR,=R.../[.

Since the complete servo circuit works with a 1.8V supply, the boosting of the gate
voltages above the supply voltage is done by connecting a “battery” in series with the
opamp output. The battery is realized by a capacitor charged to a DC voltage using a
charge-pump based circuit. Figitd 2shows the charge-pump based battery generator.
The timing diagram is shown in the inset. In the steady sfdte; = Vdd + Va =
1.8 + Va. Vbat is suitably set so as to give a sufficient headroom for the opamps to
adjust its output for any variations in the resistance. The charge pump circuit is designed

to operate atMHz.

7.2.3 Test Buffers

Two nominally identical test buffers (T.Band TB,) are used to drive the external

loads (the measuring instrument), since the filter is not designed to drive these large
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Figure 7.13:Schematic of the test buffer
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loads. The outputs of these test buffers are tied on-chip and a single differential output
is brought out of the chip. Only one test buffer will be on at a given time. The scheme

used for the filter characterization is same as that discussed in cBaf@atuns are

used at the input and output of the chip for the single ended to differential conversion

of the signal and vice-versa.

Figure7.13shows the simplified schematic of the test buffer used in the filter chip.
The architecture is similar to the test buffer designed for the Gm-C filter in ct&pter
except that in the test buffer used here, the output of the first stage (the source follower)
is attenuated by a factor of 8 before feeding it to the next stage (the differential pair)
using a resistive potential divider. This is done to avoid the linearity issues related to the
second stage as the filter is designed to work at a differential swing of 2 V peak-to-peak.
The test buffer is operated at 3.3V supply to minimize the distortion introduced by it.

Each test-buffer takes a total current of 21 mA from the supply.

The test buffer has three control b8, b1 andb2. Bit b0 turns on/off the test
buffer. Whenb0 is low, all the current sources are switched OFF, turning off the buffer
completely. Bitb0 also controls the switches Ms4-Ms5, turning the bias for the cascode
transistors of the differential pair on/off, which ensures virtually that no signal leaks to
the output from the input when the test buffer is turned off. A highh@turns the test
buffer ON. The the test buffer has the gain programmability. The controél lséts the
gain. A high onp1 adds the differential pair M7-M8 in parallel with the differential pair
M3-M4, doubling the gain. When M8-M9 are turned off, a dummy differential pair
Md8-Md9 is turned on so as to ensure that the capacitance at the iotiendip_2

remain unaltered. Control bi2 enables to multiply the test buffer gain Byl, which
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Figure 7.14:Simulated filter response (a) without constant-C scaling, éhly is var-
ied to change bandwidth and (b) with constant-C scaled Q4 and
R,.

is necessary for the accurate measurement of the filter frequency response. Ms1-Ms4

are the cross-coupled switches used for this purpose.

7.3 SIMULATION RESULTS

To illustrate the benefits of constant-C scaling in active-RC filters, the following two
simulations were run on the layout extracted netlist of the filter designed in the previous

section.

1. Without constant-C scaling: Only the integrating resist®ys are programmed
to vary the bandwidth and the OTA aiit] are fixed to the highest bandwidth.

2. With constant-C scaling: Constant-C scaled ORA,; and R, are used.

Figure7.14shows the simulated passband responses of the filter for the above cases.
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Figure 7.15:Die photograph and top-level layout.

Part (a) shows the simulated responses without constant-C scaling. Notice that while
the response at the highest bandwidth setting is as desired, it progressively droops at the
band-edge as the set bandwidth is reduced. At the lowest bandwidth setting, the third
maximum characteristic of the Chebyshev response has drooped by more than 6 dB.
Figure7.14(b) shows the simulated passband responses when a constant-C scaled OTA,
R;,; and R, are used. The dramatic improvement in performance is apparent. It can be
noticed that the shape of the response is preserved when the filter bandwidth is varied

across its tuning range.

7.4 EXPERIMENTAL RESULTS

The filter test-chip was fabricated in a UMC 0,08 CMOS process through Eu-
ropractice. The die photograph and the top level layout of the chip are shown in Fig-
ure7.15 The active area of the filter is 0.63 MniThe chip was packaged in a 44-pin

J-leaded chip carrier (JLCC) package. The pinout of the packaged chip and the func-
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Figure 7.16:Photograph of the test board.

tionality of the pins are given in appendd A two-layered PCB was designed for

testing the fabricated chip. Figureléshows a photograph of the PCB.

Figure7.17 shows the measured frequency response of the filter for all bandwidth
settings and the passband details are shown in the inset. Note that the shape of the
response remains virtually unaltered in spite of being programmed over a 7X range.
Thanks to constant-C scaling. Figird.8shows the normalized response of 15 chips
on the same plot, at the highest and lowest (in the inset) bandwidth settings. All the

chips were measured under identical test conditions. Good repeatability is seen.

Figure7.19 shows the measured IIP3 of the filter as a function of frequency with

the filter set at lowest bandwidth (44 MHz). The lowest IIP3 is 2.5V rms and occurs
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Figure 7.17:Measured frequency response across all bandwidth settings.
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Figure 7.19:Measured IIP3 of the filter as a function of frequency for the lowest band-
width setting

300
700
N
250 L6007 i
S500} ]
R
> 400} WMMM
c
200 300 i i .
0.5 1 1.5 2

Frequency (MHz)

150
100

50

Output noise spectral density(nV/sqrt(Hz)

0 100 200 300 400 500
Frequency (MHz)

Figure 7.20:Measured noise spectral density of the filter
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at the band-edge since all the integrating nodes swing almost equally at the band-edge.
The use of poly-resistor based active-RC integrators results in excellent filter linearity

- when a 2.2V (peak-to-peak differential) input tone at one third of the band-edge fre-
guency is applied to the filter, the third harmonic distortion was 1%. The measured
output noise spectral density of the filter across the bandwith settings is shown in Fig-
ure7.2Q In the inset, plotted the noise spectral density around 1 MHz for the lowest
bandwidth. The small tone seen at 1 MHz is due to the clock feedthrough. The RMS
output noise of the filter was measured to be 88Ppwithout considering the clock
feedthrough, resulting in a dynamic range of 56.6 dB for 1% THD. The filter consumes

54 mW at 1.8V supply. Tablé.2 summarizes the measured results.

Table 7.2:Summary of measurement results of active-RC filter chip

Technology 0.18um CMOS
Filter type 5t order Chebyshev, Opamp-RC
Supply voltage 1.8V
Bandwidth 40-300 MHz
Active chip area 0.63mm?
Power
OTAs + CMFB circuits 54 mW
Fixed-Gm bias circuit 3mw
Current distribution circuit 5.9mW
Resistor servo circuit 2. 7mW
Integrated output noise 8601V rms
IIP3 @ band-edge 2.5Vrms
(when set to lowest bandwidth)
Test tone atf*% for the lowest bandwidth
Vin pp differential for THD<-40dB 2.2V
Dynamic range for THB:=-40 dB 56.6dB

Table7.3 compares the present work with some of the published filters. A figure of

merit ('O M) is used for the comparison and is givenml).

Pdiss
O = X Qe DI (74
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where, P, is the power dissipated (Wattg),is the number of filter polesf, is the

filter cut-off frequency (Hertz)@), ... is the maxmimunt) of the filter andDR is the
dynamic range of the filter. The unit dfOM is Joules {). From the Tabl#.3 the
Gm-C filters have pooF’'OM compared to their counterparts. This is expected as Gm-
C filters are power hungry for a given dynamic range. Comparing our active-RC filter
with the filter presented bifarrison and Westé2002), both the filters have the same
OTA architectures and the OTAs consume same power (4 mA at 1.8V) but the former
has the betteF"O M with the merit of preserving the frequency response shape over
the tuning range. The active-RC filter presentedHarfison and Westé2003)), uses
power optimized OTAs with two feedforward loops. Thus has a bétten/, but with

a short-fall that the shape of the frequency response is bandwidth dependent.

Thus it is shown that constant-C scaling applied to active-RC integrators allows the
realization of widely programmable active-RC filters while preserving the shape of the

frequency response intact when the bandwidth is programmed over the tuning range.
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CHAPTER 8

CONCLUSIONS AND FUTURE DIRECTIONS

In this thesis, we addressed the issues of accurate design and characterization of high
frequency continuous-time filters. An efficient design centering technique was proposed
for ensuring the filter response is indeed the desired one, even in the presence of layout

parasitics. The proposed design centering technique drastically reduces the design time.

The influence of non-quasi-static effects of the MOS transistors on the high fre-
guency continuous-time filters was analyzed. A simple technique to compensate for
these non-quasi-static effects is presented. The technique requires less hardware and is

free from the problem of clock feedthough unlike conventional Q-tuning techniques.

Two novel technigues that enable accurate measurement of the frequency response
of on-chip high frequency filters in the face of package feedthrough were presented.
The first technique, using a VNA, results in a dramatic increase in the precision and
frequency range over which accurate measurements become possible. A second tech-
nique, which uses only magnitude measurements, is an improvement over the conven-
tional technique but not quite as effective as the VNA based technique. A technique
to accurately measure the noise spectral density of on-chip filters, accounting for the
frequency response of the package and test-setup, as well as the noise of the test buffers

was presented.

A widely programmable fifth order lowpass Chebyshev Gm-C ladder filter was de-

signed in a 0.3xm CMOS process to validate the proposed ideas. The filter bandwidth



is digitally programmable with 3-bits from 71.4-500 MHz and has a passband ripple
of 1dB. Measurements from fabricated chips confirm our theory. The filter achieved a

dynamic range of 52 dB consuming a power of 100 mW from a 3.3V supply.

We proposed a constant-C scaled active-RC integrator that enables the realization
of widely programmable high frequency active-RC filters whose frequency response
shape and dynamic range are maintained over the entire tuning range. A fifth order
active-RC ladder filter was deigned in a 0;48 CMOS process. The bandwidth is
digitally programmable from 44—-300 MHz. The efficacy of the proposed technique was
proved by the test-chip results. The filter has a dynamic range of 56.6 dB and consumes

54mW of power from a 1.8V supply.

8.1 FUTURE DIRECTIONS

A simplified space-mapping was sufficient for design centering the filter designed in
this work due to fact that the coarse model of the filter was simply a translated version
of the actual filter. For complicated filters like higher order active-RC filters, it may not
be possible to arrive at a coarse model which is just a translated version of the actual
filter. Investigations on applying advanced space mapping techniques to such filters are

required.

Constant-C scaling in high frequency active-RC filters is limited by the integrating
resistor, for the architecture used in this thesis. At higher frequencies, the presence of
parasitic capacitances make the integrating resistor to violate constant-C scaling princi-
ple, since the unit resistor which is turned off, is not isolated completely from the circuit.

Work towrads achieving a true constant-C scaled integrating resistor is necessatry.
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APPENDIX A

EFFECT OF THE PARASITIC POLE OF A
TRANSCONDUCTOR ON w, AND Q OF A Gm-C
BIQUAD

The transfer function of a biquadratic lowpass filter is given as

H(s) = (A.1)

Given a biquadratic lowpass filter, to fing one finds the frequency at which the
phase of the filter transfer functioH (jw) reaches—=/2. @ is the gain of the filter

atw,.

When the integrators of the biquad have parasistic poleratthe modified transfer

function of the filter can be obtained by replaciig (A.1) by s(1+s7) as given below

1
/ j—
H (3) - 52(1:;7.1)2 . és(lzjﬁ) 1 (AZ)
Expanding and rearranging the terms,
, 1
H'(s) = - 1 (A.3)
S+ +2sm) + 5o (L +sm) + 1
1

Wo

—e (1-wr g ) +is e (1- 2209)

To find the modified value ab, (denoted as))), we find the frequency at which



/H'(jw) = /2, as per the definition given earlier in this appendix. In other words,

w! is the frequency at which the real part of denominatoHityjw) becomes zero. i.e.

atw’,
1-— (C:}‘/’g)Q (1 — (W) + QT:)O) =0 (A.5)
Assuming(w’)?7? < 1,
r Wo
W, =~ \/Tiu%l (A.6)
~ (1_ “;5) (A7)
= fi =~ f (1 - W‘gﬁ) (A.8)

Denote’ as the modified) of the filter. By definition ofQ, Q" = |H'(jw)|w=ur -

Therefore we can write,

1 1w, (2w}nQ
oo (70 A9)

Substituting/A.8) in (A.9) for w!, for a biquad with large Q1, @)’ can be approxi-

mated as

Vo Q
Q = T in/.0n (A.10)

136



APPENDIX B

PIN DETAILS OF THE Gm-C FILTER CHIP

FigureB.1 shows the pinout of the packaged chip. The functional details of the pins are

given in TableB.1.

GNDA| |2 39| |TB2 se
vop[ |3 38| |voD
vem_out[ |4 s7|  Jvop
GNDA| s 36| |GNDA
NP [ e 35|  |DRP
M |7 3| |DRM
GNDA| |8 33| |onDA
Rn 9 32| |vop
. 10 31| | vbias_out
ref_ext | |11 30| Jvop
Iref sel [ |12 29[ Jvop
selz[ |13 28| |onpa
sell[ |14 27 JFLm
se0| |15 26| |FLP
TB2.sell | |16 25| |onDA
TB2_sel0 | |17 24| |vop
GNDA| |18 23| Jvop

vop[ |20 21 |onDA

Figure B.1:Pinout of the packaged chip



Table B.1:Functionality of pins of Gm-C filter chip

Pin number Pin Name Functionality

1,2,5,8,18, | GNDA Ground

21, 22, 25, 28,

33&36

3,20,23,24, | VDD Supply voltage (3.3 V nominal)

29, 30, 32,

37 &38

4 VCM_OUT | Common-mode reference output.
Used to test/tap the common-mode referer
voltage generated on-chip.

6 IN_P Differential analog input.

7 IN_M

9 R.-m Stable resistance for the fixed-Gm bias

10 Rp circuit is connected between these two pins.

11 Iref _ext Iref _sel is the control to select between

12 Iref _sel an internal fixed-Gm bias circuit or
an external currentre f _ext.

13-15 Sel2, Sell and | 3-bit select lines setting the bandwidth

Sel0 of the filter. Sel0 is the LSB.

16 T B2 _sell Control bits for test buffer TB2.

17 T B2_sel0

19 Iref_out A test pin, where the transconductor
bias current is brought out.

26 FIL_P Filter path differential output.

27 FIL.M

31 Vbias_out Bias voltage for the cascoded
transistors of Gm-cell.

34 DIR_ M Direct path differential output.

35 DIR_P

39 TB2_sell Control bits for test buffer TB1.

40 T B2 _sel0
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APPENDIX C

LM334 BASED CURRENT SOURCE/SINK

Xo
\Vai “set

R

U [T S—
R

v E

¢ Iset

Yo

Figure C.1:Basic current source using LM334

LM334 is a three terminal adjustable current source (fational Semiconductpr
A basic current source circuit using LM334 is shown in FigQr& The current source
is built between the nod&- and node¥ where X is at higher potential thalv. The
three terminals of LM334 are naméd", R andV~. LM334 generates a constant
voltageV,.; betweenk andV ~ for a given temperature, which is approximately given
by 214, V/°K. An external resistancg&,.; sets the currenty between terminal& and
V~. Iy is the current consumed in LM334 for producing. Therefore the current

set/,.; by the current source is given as -

v
]set - ER + ]bias (Cl)

The bias current/,;,, depends on/z. A typical ratio fb—t is about 18 for 1A <

I,.; <1mA. Using this value, inC.1), the resistanc®,.; required to generate a given



Table C.1:Jumper settings

Jumper setting | Operation

J1, J5 Current sink
J2,J4 Current source
J3,Jb Turned OFF

1,.; at room temperature (30&) can be simplified to -

68 mV

Rset - [set

i Isource/sink
- J LM334 34,j
Vdd o—s ‘oL @ v
J3 J5
" R all
R Ry

D

Rset

Figure C.2:Schematic of the current source/sink circuit

(C.2)

An adjustable current source/sink is built using the basic current source circuit (Fig-

ureC.1) and is shown in Figur€.2. ResistorRk,; decides the maximum current the

circuit can source/sink, whilé; + R, .., decide the minimum source/sink current.

The jumper settings shown in Talfl=decide the source/sink operation of the circuit.
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APPENDIX D

PIN DETAILS OF THE ACTIVE-RC FILTER CHIP

Pinout of the packaged active-RC filter chip is shown in Fidu® The functionality

of each pin is given in TablB.1

c_out

g | ] cenoa
| ] ou
| ] onpa

@ | ] cnoa
[ v

8| ] vezout

S o & 5 &
L] 1]
37 33 32
ve_extsel [ | 40 28 | ] ckun
vDD_Rsevo [ | 41 27 | ] onpa
vop_3v3 [ | 42 26 | ] vop_3wvs
GNDA [ | 43 25 | ] onpa
voD [ | 44 24 | ] vop
onoa [ |1 23 | ] TB2_seld
e [ |2 22 | ] B2 sei
onoA [ |3 21 | ] B2 sel2
M [ |4 20 | ] onpa
onoA [ | s 19 | ] wef out
voo [ |s 18 | ] vop

7 8 9 10 11 12 13 14 15 16 17
5 £ & % 3 8 ® 3 9 9 2
o [ (] [«]
g S48 4 L o 0 0
S i} m i} o e
> F o R = =

Figure D.1:Pinout of the packaged active-RC chip



Table D.1:Functionality of pins of the active-RC filter chip

)

re-

Pin number Pin Name Functionality

1,3,5,20,25,| GNDA Ground

27,31, 32, 34,

36, 37 & 43

6,18,24&44 | VDD Supply voltage (3.3 V nominal)

2 IN_P Differential analog input.

4 IN_M

7 VCM_OUT | Common-mode reference output.
Used to test/tap the common-mode reference
voltage generated on-chip.

8 Rn Stable resistance for the fixed-Gm bias

9 Rp circuit is connected between these two pins.

10 TB1_sel2 Control bits for test buffer TB1.

11 TB1_sell

12 T B1_sel0

13 Iref _ext Iref _sel is the control to select between

14 Iref _sel an internal fixed-Gm bias circuit or
an external currentre f _ext.

15-17 Sel2, Sell and | 3-bit select lines setting the bandwidth

Sel0 of the filter. Sel0 is the LSB.

19 Iref _out A test pin, where the transconductor
bias current is brought out.

21 T B2 _sel2 Control bits for test buffer TB2.

22 TB2_sell

23 T B2_sel0

26 & 42 VDD _3v3 3.3V supply for the test-buffers.

28 CLK_IN 1 MHz Clock for the resistor servo circuit.

29 Vez_out Control voltage of the zero-compensating
sistor R_z is tapped out.

30 Vez_out Control voltage of the integrating resistfy
is tapped out.

33 oUT_M Differential analog output.

34 OUT_P

38 R ext Offchip resistor (1K) of the Resistor servo
circuit.
The other end of the resistor is connected to
pin 7.

39 Vez_ext_sel Control to select the internal resitor servo gir-
cuit or an external voltage &icz _out.

40 Ve ext_sel Control to select the internal resitor servo gir-
cuit or an external voltage &fc_out.

41 V' DD_Rservo | Supply for the Resistor servo loop.
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